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ABSTRACT  -  Embedding  a  microstrip  antenna  within  a  composite  of 
multiple  dielectric  layers  may  significantly  affect  both  the  radiation  and  the 
scattering  properties  of  the  antenna.  One  of  the  most  significant  ways  in 
which  a  composite  may  influence  the  radiation  pattern  of  a  microstrip  an¬ 
tenna  is  by  the  excitation  of  weakly  attenuated  leaky  waves  on  the  compos¬ 
ite  structure,  resulting  in  narrow-beam  radiation  patterns.  A  discussion  of 
a  composite  structure  which  produces  such  narrow-beam  patterns  is  given, 
along  with  an  analysis  in  terms  of  leaky- wave  antenna  concepts.  This  allows 
for  formulas  to  predict  the  radiation  patterns  of  such  composite  leaky- wave 
antennas  accurately,  both  for  the  infinite  structure  and  for  the  practical  case 
of  a  finite  structure.  An  experimental  leaky-wave  antenna  is  tested,  with  the 
measured  pattern  showing  good  agreement  with  the  theoretical  pattern.  It 
is  then  shown  that  the  radar  cross  section  (RCS)  of  a  microstrip  antenna 
within  a  composite  is  directly  related  to  the  radiation  efficiency  of  the  an¬ 
tenna.  Results  are  presents  to  show  how  both  lossless  and  lossy  composite 
layers  may  affect  the  RCS. 
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1  A  MULTIPLE  LAYER  LEAKY- WAVE  ANTENNA 

1.1-  INTRODUCTION 

One  of  the  fundamental  ways  in -which  multiple  layer  composites  can  affect 
the  radiation  pattern  of  a  microstrip  element  is  in  the'  creation  of  narrow 
beam  patterns.  If  the  layer  thicknesses  axe  chosen  properly,  narrow  beam 
patterns  may  be  produced  about  any-desired  scan  angle  9P  in  space,  with  the 
beam  angle  becoming  smaller  as  the  number  of- layers  increases  [1,2].  The 
configuration  for  producing  these. narrow  Ream  patterns  is  shown  in  Pig.  1. 
In  this  structure  attacked  arrangement  of  alternating  layers  is  used,  with  the 
odd-numberecl  layers  above  the  ground  plane  having  a  relative  permittivity 
€i,  and  the  even-numbered  layers  having-a  higher  value  of  relative  permittiv¬ 
ity  £2-  There  is  an-even  number  of  N  layers  in  the  composite  structure,  with 
the  top  layer  being  a  high  permittivity  .layer.  All  even  layers  have  the  same 
thickness,  as  do  all  odd  layers,  with  the  exception  of  the  bottom  layer  which 
is  twice  as  thick  as  the  other  odd  layers.  A  narrow  beam  conical  pattern  will 
be  produced  at  angle  9P  when  the  layer  thicknesses  satisfy  the- conditions 


?^i/l  -  sin2(0p)/n?  =  .5 

(1) 

—  sin2(0„)/n?  =  .25 

(2) 

where  n,-  =  y/eijTi- 

An  explanation  for  this  phenomenon  may  be  given  from  a  ray  optics 
point  of  view.  In  calculating  the  radiation  from  a  source  in  such  a  layered 
structure,  each  layer  may  be  modeled  as  a  transmission  line,  with  a  prop¬ 
agation  constant  kx{  =  (kf  —  k%  —  &2)1/2  where  kx  and  ky  are  the  Fourier 
transform  variables  in  a  spectral  domain  solution.  Each  of  the  transmission 
lines  becomes  a  A/4  resonant,  section  for  wave  propagation  at  angle  6V  in 
free  space,  when  Eqs.  (1,2)  are  satisfied.  At  this  wave  angle  the  composite 
structure  then  behaves  as  a  multiple  section  resonant  filter,  creating  a  low 
impedance  boundary  condition  at  z  —  b.  This,  in  effect,  causes  spectral  rays 
which  are  launched  by  a  source  within  the  bottom  layer  to  be  significantly 
trapped  within  the  bottom  layer,  provided  the  wave  angle  within  the  bot¬ 
tom  layer  corresponds  to  a  propagation  angle  9P  in.free  space  through  Snell’s 
law.  The  wave  component  at  this  angle  thus  propagates  outward  from  the 
source  for  a  large,  distance,  creating  a  large  radiating  aperture,  and  hence 
the  narrow-beam  effect. 
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1.2  LEAkY-WAYE  ANTENNA  CONCEPT  ' 

A”  more  elegant,  and'  useful,  explanation  of  the  dielectric  layer  leaky-wave 
antenna  is,  provided  by  considering  the  radiation  to.be  attributable  to  weakly 
attenuated  leaky  waves  which  are-  supported  on  the  composite  structure. 
When  Eqs.  (1-2)  are  satisfied,  two  leaky  waves  become  dominant  (weakly 
attenuated)  on  the  structure,  a  TE  leaky,  wave  and  a  TM  leaky  wave  [3]; 
The  TE  wave  is  responsible  for  producing  a  narrow-beam  field,  while  the 
TM  wave  produces  a  narrow-beam  field  [4].  Formulas  for  the  leaky  wave 
contribution  to  the  radiation  pattern  as  a  function  of  the  .leaky  wave  complex 
propagation  constant  kp  =  /?-—  jot  have  been  ,derived  in  [4] . 

To  derive  the  radiation  formulas  for  the  multiple-layered  leaky-wave, 
antenna,  the  general  structure  of  Fig.  2  is  first  considered,  which  consists 
of  an  arbitrary  planar  surface  which  can  support  the  propagation  of  leaky 
waves.  This  planar  surface  is  above  a  ground  plane,  whichresults  in  radiation 
only  into  the  half-space  z  >  0.  A  finite-sized  source  is  assumed  to  reside 
somewhere  within  this  structure,  and  it  is  this  source  which  launches  the 
leaky  wave  on  the  planar  surface.  In  a  classical  leaky-wave  antenna,  this 
planar  surface  would  typically  consist  of  a  metallic  grating  or  periodically 
perforated  conducting  sheet.  However,  for  the  composite  layered  structure, 
the  dielectric  layers  above  the  ground  plane  trike  the  place  of  the.  planar 
surface.  The  top  of  themomposite  structure  is  then  regarded  as  the  planar 
surface.  By  the  equivalence  principle,  the  radiation  from  a  leaky  wave  on 
such  a  composite  structure  will  be  the  same  as  that  from  the  same  leaky 
wave  on  the  structure  of  Fig.  2,  since  only  the  fields  existing;at  the  aperture 
surface  determine  the -radiation  into  the- upper  half-space. 

One  of  the  novel  features  about  the  leaky-wave  antenna  of  Fig.  2  is 
that  the  source  is  assumed  to  be  of  finite  size,  so  that  a  cylindrical  leaky  wave 
is  launched  from  the  source,  as  opposed  to  a  one-directional  (planar)-leaky 
wave  which  propagates  in  a  fixed  direction  along  the  surface.  The  cylindrical 
TM  and  TE  leaky  waves  thus  propagate  outward  from  the  source  with  a 
magnetic  . or  electric  vector  potential  .given  by 

where  t/>  denotes  either  Az  or  Fx  for  the  TMZ  or  TEZ  case,  respectively. 

In  general,  the  amplitude  A  as  well  as  the  wavenumber  kp  may  be 
different  for  each  leaky  wave.  The  wavenumber  kz  is  determined  as  ks  — 
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.(Icq  —  k2)1!2  where  the  improper  branch  interpretation  of  kz  is  assumed,  since 
the  leaky  wave  is  always  improper  [5,6]r  The  index  n  in  Eq.  (3)  determines 
the  <f>  variation  of  the  leaky  wave,  which  is  independent  of  the  kp  wavenum¬ 
ber.  The  method  of  excitation  will  determine  which  n  value  modes  will  be 
excited,  and: the  relative  amplitudes  of  excitation.  For  example,  an  infinites¬ 
imal  vertical  electric-dipole  will  only  excite  an  n  '=  0  TM?  leaky  wave.  An 
infinitesimalihorizontal  electric  dipole  will  only  excite  n  —  1  TMZ  and  TEZ 
leaky  waves.  Although  leaky  waves  with  higher  values '  of.  n  could  in  principle 
be  excited,  the  n  =  0  and  n  =  1  mode  types  are  the  most  important,  since 
the  radiation  from  microstrip  antennas  can  always  be  regarded  as  coming 
from  the  superposition  of  horizontal  and  vertical  sources. 

A  summary  of  the  radiation  formulas  for  these  two  mode  types,  de¬ 
rived  in  [4],, -is  presented  in  the  next  section. 


1.3  RADIATION  FROM  CYLINDRICAL  LEAKY  WAVES 

A  summary  of  the  radiation  formulas  for  a  cylindrical  leaky  wave  having  the 
form  of  Eq.  (3),  propagating  on  the  planar  structure  on  Fig.  2,  are  given 
below.  For  consistency  in  notation,  the  normalizing  constant  factor  A  in  Eq. 
(3)  is  chosen  to  agree  with  the  derivation  of  [4].  These  formulas  were  derived 
by  using  the  equivalence  principle,  in  which  the  entire  planar  structure  of  Fig. 
2  is  replaced  with  an  equivalent  electric  current  J,  =  2z  x  H  in  free  space 
at  the  aperture  plane  r  =  0.  Standard  radiation  theory  is  then  used  to  find 
the  far  field  from  the  resulting  current.  By  considering  only  the  equivalent 
current  within  the  region  a  <  p  <6,  formulas  for  the  radiation  from  a  finite 
aperture  are  obtained,  which  are  useful  in  determining  the  radiation  from  a 
practical  finite  size  leaky-wave  antenna. 


n  —  &  case 


(a)  TMt : 


(4) 

R(r )  cos#  p(°\6) 

(5) 

II 

o 

(6) 

4 


(b)  TEX : 


% 

F  =  rjrVPM 

(7) 

II 

o 

(8) 

% 

E$  =  -R(r)  P<°>(0) 

(9) 

where 


and 

£  =  fco  sin  0. 

n  =  1  case 

(a)  TMX: 

-A*  =  cos  <f>  e~jk‘z 

(10) 

Eg  =  R(r)  cos  <j>  cos  9  P^\9) 

(ii) 

Ef  =  —  J2(r)  sin  <f>  C(9) 

(12) 

(b)  TE 

F*  =  l~j~H[2)(kpp)  sin(f>  e~jk,z 

(13) 

Eg  =  R(r)  cos  <f>  cos  9  C{9) 

(14) 

E*  =  - R(r )  sin  <f>  P^(9) 

(15) 

where 

-  0(6) 

and 

0(e)  =  j  [fr<2'(V)/.«rt]^‘ 

5 


The  P(°\6)  and  P^(0)  terms  in  Eqs.  (5,9,11,15)  become  sharply 
peaked  at  angle  6P  given  by 

/?  =  ko  sin  6P  (16) 

as  the  attenuation  constant  a  becomes  small.  From  Eqs.  (4-9)  it  is  then 
apparent  that  an  n  =  0  TMS  leaky  wave  will  radiate  a  peaked  beam  with 
only  an  Eg  component,  while  an  n  =  0  TEZ  wave  will  radiate  a  peaked  beam 
with  only  an  E#  component.  The  n  —  1  waves  radiate  both  an  Eg  and  an  E# 
component,  seen  from  Eqs.  (10-15).  However,  the  C(9)  function  does  not 
become  sharply  peaked  as  a  -*  0.  Hence  a  TMZ  wave  Still  predominantly 
radiates  an  Eg  component,  while  a  TEZ  wave  predominantly  radiates  an  E$ 
component. 


1.4  LEAKY- WAVE  PROPAGATION  CONSTANTS 


In  order  to  use  the  radiation  formulas  of  the  preceeding  section,  the  phase 
and  attenuation  constants,  and  a,  must  be  known  for  both  the  TM  and 
the  TE  dominant  leaky  waves  which  contribute  significantly  to  the  radiation 
pattern. 

The  value  of  the  complex  propagation  constant  kp  for  the  TMZ  and 
the  TEZ  leaky  waves  may  be  found  numerically,  using,  for  example,  a  secant 
method  search  in  the  complex  plane  to  find  the  zeros  of  the  TM  and  TE 
transverse  resonance  equations  for  the  layered  structure  [3],  In  the  limit  of 
narrow  beamwidths  (a/ ko  «  1  ),  it  is  also  possible  to  derive  asymptotic 
expressions  for  the  attenuation  constant  a  however,  which  become  increas¬ 
ingly  accurate  as  the  beamwidth  decreases  [7].  The  results  are  summarized 
below. 


A)  Scanned  beam  ( $p  >  0) 


IPr 

2  Pf 

(17) 

where 

Pr  =  —  cos  6P 

(18) 

and 

Vo 

P/  =  j-Fte  sin  6P  ( TEX  wave) 

Kn 

(19) 
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with 


Pf  =  t-Ftm  sin  8P  ( TMZ  wave) 

Rq 


Ftm  =  Vo  P 


-N 
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■p2  V 

+  P 


kot\  hob 
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'  k0b  k0F 
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2^x  j 

£06 

2ej 


(20) 

(21) 

(22) 


The  term  p  is  the  ratio  of  the  characteristic  impedances  for  the  transmission 
lines  which  represent  the  dielectric  layers,  for  wave  propagation  at  an  angle 
Op  in  free  space.  Specifically, 

P  =  J1  (23) 

ZC\ 


where 

Zd  —  v0Ni(6)/ei  TMZ  wave,  2  =  1,2  (24) 

Zd  -  VoHi/Ni(0)  TEZ  wave,  2  =  1,2  (25) 


with  _ 

Ni(8)  =  y/nf  -  sin2  0 

and  n;  =  y/eipi. 


B)  Broadside  beam  (0P  =  0) 

(26) 

where 

F  =  Fte  ~  Fjm ■  at  6p  =  0.  (27) 

1.5  RESULTS  FOR  INFINITE  STRUCTURE 


To  illustrate  the  patterns  which  may  be  produced  with  a  microstrip  antenna 
embedded  within  the  composite  structure  of  Fig.  1,  results  are  shown  for 
the  case  where  an  infinitesimal  vertical  or  horizontal  electric  dipole  is  used 
as  the  source.  For  the  horizontal  dipole,  the  dipole  is  placed  at  zq  —  6/2. 
For  the  vertical  dipole,  the  dipole  is  placed  at  the  ground  plane,  at  z0  =  0. 
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The  .choice  of  dipoledocation  does  not  significantly  influence  the  shape  of  the 
beam  near  the  peak,  since  this  is  determined  by  the.  leaky  wave  propagation 
constants,  which  are  iiot  affected  by  the  source  location.  However,  the  choice 
of  dipole  location  just -described  results,  in  a  maximum  radiated  power  from 
the  dipole  [1]. 

Fig.  3  shows  the  ^-symmetric  pattern  for  a  vertical  dipole  within  a 
six-layered  structure  having  =  2.2  and  e?  =  10.0,  where  the  scan  angle  is 
9V  =  45°.  The  exact  radiation  pattern  is  found  from  a  reciprocity  method 
[l].  For  comparison,  the  leaky-wave  pattern  due  to  the  TM  leaky  wave  alone 
is  also  shown,  found  from  Eq.  (5)  with  a  =  0  and  b  =  oo.  Near  the  beam 
peak,  the  agreement  is  excellent. 

In  Fig.  4  the  E-plane  patterns  (<f>  —  0)  for  a  horizontal  dipole  within  a 
six-layered  structure  are  shown.  The  layer  permittivities  are  the  same  as  for 
Fig.  3,  but  the  thicknesses  are  chosen  from  Eqs.  (1,2)  to  produce  a  broadside 
beam. 


1.6  RADIATION  FROM  A  FINITE  LEAKY- WAVE  ANTENNA 


One  of  the  most  important  practical  concerns  is  the  ability  to  accurately 
predict  the  radiation  pattern  for  a  leaky-wave  antenna  of  finite  size.  For  the 
cylindrical  leaky-wave  antenna  of  Fig.  2,  the  radius  R  is  assumed  to  be  finite. 
To  calculate  the  pattern  in  this  case,  the  total  pattern  R(6 ,  $)- is  written  as 
the  sum  of  three  parts: 

R(8, 4)  =  R„{6, 4)  +  4)  +  A(«,  4)-  (28) 

The  term  Rap(0,  <f>)  is  the  space-wave  contribution,  which  is  defined  as  the 
total  radiation  field  minus  the  leaky-wave  field.  Because  this  component  is 
essentially  a  near-field  contribution  of  the  source,  it  may  be  taken  as  the 
space-wave  contribution  for  the  infinite  aperture  case  with  little  error.  The 
term  Rf^R\9^  <}>)  is  the  contribution  due  to  the  leaky  wave  with  a  finite  radi¬ 
ating  aperture  extending  from  p  =  0  to  p  =  R.  This  term  may  be  calculated 
from  Eqs.  (4-15).  Finally,  the  term  i?d(0,  <f>)  is  due  to  edge  diffraction  from 
both  the  leaky  wave  and  any-existing  surface  waves,. at  the  boundary  p  —  R. 
Although  this  term  would  be  difficult  to  predict,  it  can  be  minimized  by 
placing  absorber  around  the  perimeter  of  the  antenna.  This  has  been  done 
in  the  experimental  design  shown  later,  so  this  term  will  be  neglected  in  the 
following  aerivation. 
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The  difficulty  with  using  Eq.  (28)  directly  is  that  the  term  R,p{B^  4) 
is  difficult  to  calculate.  To  avoid  having  to  calculate  this  term,  the  total 
radiation  pattern  for  the  infinite,  aperture  case  is  first  written  as 

RooP,  *)  =  4>)  +  4)  (29) 


and  this  equation  is 
the  result  is 


subtracted  from  Eq.  (28).  Assuming  that  Rd(9,  <f>)  =  0, 

R(e,  4)  =  Roo(0 , 4)  -  R\*,o6\e,  +)•  (3°) 


The  term  Roo{0,  4)  1S  easy  *°  calculate,  since  it  is  the  total  pattern  of  the 

source  within  an  infinite  layered  structure.  The  term  Riw  (9,  4 ) 
calculated  from  Eqs.  (4-15),  once  the  amplitudes  of  the  propagating  leaky 
waves  are  known  (discussed  further  in  the  next  section). 


1.7  EXPERIMENTAL  DESIGN  AND  RESULTS 

An  experimental  leaky-wave  antenna  using  air  (ei  =  1.0)  and  polyethylene 
(e2  =  2.2)  is  shown  is  Fig.  5.  The  radius  R  is  30.0  cm,  corresponding  to 
A0  at  a  frequency  of  12.08  GEz.  This  frequency  was  chosen  to  provide  a 
scanned  beam  at  6P  =  45°  from  Eq.  (2),  using  a  layer  thickness  of  t  =  .476  cm 
for  the  polyethylene.  The  source  was  a  bent  coaxial  feed  probe.  The  vertical 
part  of  the  feed  probe  radiates  only  an  Ee  field  component.  Furthermore,  in 
the  H-plane  ( <f>  =  90°),  the  length  of  the  horizontal  part  of  the  feed  probe  does 
not  affect  the  radiation  pattern.  Therefore,  if  only  the  E^  field  component 
in  the  H-plane  is  considered,  the  pattern  will  be  exactly  the  same  as  that  of 
an  infinitesimal  horizontal  electric  dipole.  An  easy  comparison  can  then  be 
made  with  the  theoretical  pattern,  using  R{9 , 4)  =  £*(#>  4)> 

The  theoretical  H-plane  pattern  Reo(0, 4)  for  an  infinite  layered  struc¬ 
ture  corresponding  to  Fig.  5  is  shown  in  Fig.  6a,  for  a  dipole  height  z0  =  124 
cm.  This  dipole  height  corresponds  to  an  electrical  height  of  n^o/Ao  -  .5, 
which  produces  a  null  in  the  pattern  at  broadside.  The  value  of  *0  has  little 
effect  on  the  beam  shape  near  the  pea Jc,  however.  In  the  H-plane,  the  radi¬ 
ation  field  Roo{d,  4)  from  the  x-directed  dipole  has  only  an  E$  component. 

Figure  6b  shows  the  theoretical  pattern  R\j  ^  for  the  dominant  TE 
n=l  leaky  wave,  calculated  from  Eq.  (15).  The  TE-mode  leaky  wave  is  the 
one  responsible  for  the  narrow  beam  in  the  H-plane,  since  this  wave  produces 
the  narrow  beam  E+  pattern.  The  values  of  a  and  0  used  in  Eq.  (15)  were 
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obtained  numerically  as  (}/ko  =  .7084,  a/kq  =  .0157.  It  is  seen  that  the 
leaky  wave  pattern  of.Fig.  6b  agrees  fairly  well  with  the  total  pattern  of  Fig. 
6a, near  the  beam  peak.. 

Figure  6c  shows  the  theoretical  .pattern  <f>).for  the  TB  leaky 

wave.  The  beamwidth  of  this  pattern  is  noticeably  broader  than  that  of  the 
infinite  leaky-wave  pattern  of  Fig.  6b.  Because  of  this,  this  term  has  the 
dominant  effect  on  the  beamwidth  of  the  total  pattern  for  the  finite  leaky- 
wave  antenna. 

To  determine  the  pattern  72(0,  <j> )  of  the  finite  leaky- wave  antenna 
from  Eq.  (30),  the  complex  amplitude  A  in  Eq.  (3)  for  the  TE-  mode  leaky 
wave  must  be  determined,  so  that  the  amplitude  of  i2^,oo^(0,  <j>)  can  be  found. 
This  may  be  done  from  the  normalizing  condition 

.»/2)  =  (31) 

which  equates  the  total  pattern  with  that  of  the  leaky  wave  at  the  beam 
peak  in  the  H-plane,  for  an  infinite  structure;  This  condition  provides  for 
an  accurate  calculation  of  A,  since  the  exact  and  leaky  wave  patterns  agree 
very  closely  at  the  beam  peak.  The  resulting  theoretical  pattern  72(0,  <f)  for 
the  finite  leaky-wave  antenna  is  shown  in  Fig.  6d. 

In  figure  7,  the  experimental  pattern  is  shown.  The  agreement  with 
the  pattern  of  Fig.  6d  is  fairly  good  except  for  the  back  radiation  which 
is  probably  attributable  to  spurious  ground  plane  diffraction  which  was  not 
completely  eliminated  by  the  absorber.  The  beam  peak  in  the  experimental 
pattern  is  also  shifted  slightly  away  from  45°,  with  the  peak  on  the  left  lower 
in  amplitude  than  the  one  on  the  right.  These  effects  could  possibly  be  due  to 
tolerance  errors  in  the  layer  spacings,  since  some  warping  of  the  polyethylene 
layers  was  observed  between  the  styrofoam  spacers. 


2  SCATTERING  FROM  A  MICROSTRIP  ANTENNA 


In  addition  to  modifying  the  radiation  pattern,  a  composite  structure  may 
also  significantly  affect  the  radar  cross  section  (RCS)  of  a  microstrip  antenna. 
A  general  equation  for  the  RCS  of  an  arbitrary  body  such  as  a  microstrip 
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(32) 


antenna  within  a  composite  structure  is  [8] 

Auv  =  %  (AY ej  G,(«i,A)G.(fc,*) 

where  Auv  is  the  RCS  for  the  v  component  of  the  scattered  field,  due  to  an 
incident  wave  in  the  u  polarization.  Za  is  the  body  impedance,  defined  as 
minus  the  self  reaction  of  the  scattered  current, 

Zs  =  Ra  -\-jXa  =  —  <  Jg,  Js  >  .  (33) 

Gu  and  Gv  are  the  partial  antenna  gains  in  the  direction  of  the  incident  field 
and  scattered  field,  respectively,  when  considering  the  xl  or  v  component  of 
radiation  from  the  body  current  Js.  The  radiation  efficiency  er  is  the  ratio  of 
power  radiated  into  space  by  the  body  current  Js  to  the  total  power  delivered 
by  the  body  current  (which  includes  surface  wave  and  conduction  losses). 

Because  of  the  term  e2  in  Eq.  (32),  the  RCS  may  be  reduced  by 
lowering  the  radiation  efficiency.  This  may  be  done  in  three  different  ways: 
by  introducing  loss  into  the  substrate  beneath  the  patch,  by  using  a  lossy 
layer  or  layers  above  the  patch,  or  by  using  multiple  lossless  layers  above 
the  patch.  This  is  illustrated  for  the  two-layered  case  of  Fig.  8,  where  i 
denotes  dielectric  loss  tangent.  Results  for  monostatic  RCS  with  broadside 
incidence  in  the  x  polarization  are  shown  in  Figs.  (9-11).  All  results  are  for  a 
rectangular  patch  of  dimensions  L  =  1.27  cm  and  W  =  1.5  L,  where  L  is  the 
x  dimension,  chosen  to  be  of  resonant  length  for  all  calculations.  The  layers 
are  assumed  to  be  nonmagnetic  (/*,•  =  1,0)  in  all  cases.  The  RCS  component 
Axx  is  normalized  to  1.0  m2  and  is  expressed  in  dB. 

Fig.  (9a)  shows  the  effect  of  introducing  loss  in  the  substrate  for  a 
patch  on  a  single  layer  (t  =  0).  Figure  (9b)  shows  that  the  radiation  efficiency 
is  lowered  along  with  the  RCS.  Fig.  (10)  demonstrates  the  effect  of  a  lossless 
superstate  layer  on  the  RCS.  A  superstrate  with  a,  high  permittivity  may 
substantially  reduce  the  RCS  when  tb  thickness  is  approximately  a  half 
wavelength  in  the  substrate.  Using  multiple  layers  permits  an  even  greater 
reduction  in  RCS,  and  results  for  this  case  will  be  presented.  Figure  (11) 
shows  how  the  RCS  may  be  reduced  by  using  a  lossy  layer  above  the  patch. 
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Fig.  1  A  multiple  layer  composite  structure  for  producing  narrow-beam  radia¬ 
tion  patterns,  e,-  and  are  the  relative  permittivity  and  permeability, 
respectively. 


planar  surface 


ground  plane 


Fig.  2  A  general  representation  of  a  finite-size  cylindrical  leaky-wave  antenna, 
consisting  of  a  planar  surface  which  can  support  leaky  wave  propagation 
over  a  ground  plane. 
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- EXACT  PATTERN 

- LEAKY- WAVE  PATTERN 
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(  DB  ) 

Fig.  3  A  comparison  of  exact  and  leaky- wave  radiation  patterns  for  an  infinites¬ 
imal  vertical  electric  dipole  within  a  six-layered  structure  with  a  scan 
angle  of  9V  =  45°.  The  dipole  is  at  the  ground  plane  ( z0  =  0).  6!  =  2.2, 
Hi  =  1.0,  62  =  10.0,  Hi  —  1-0* 


- EXACT  PATTERN 

- LEAKY-WAVE  PATTERN 
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Fig.  4  A  comparison  of  exact  and  leaky-wave  E-plane  radiation  patterns  for 
an  infinitesimal  horizontal  electric  dipole  within  a  six-layered  structure 
with  a  broadside  seem  angle  ( 9P  =  0°).  The  dipole  is  oriented  in  the  x 
direction  and  is  in  the  middle  of  the  bottom  layer.  e\  =  2.2,  Hi  = 
e2  =  10.0,  Hi  =  1-0*. 


14 


K] 


absorber 


Pig.  5  The  experimental  leaky-wave  antenna,  designed  for  operation  at  12.08 
GHz  with  a  beam  angle  at  0P  =  45°.  b  =  1.76  cm,  t  =  .476  cm,  R  = 
30.0  cm,  R5  =  50.8  cm,  z0  =  1.24  cm,  a  =  .16  cm  (probe  radius),  e 2  — 
2.2. 


0 


dB 

Fig.  6a  Theoretical  H-plane  pattern  for  an  infinitesimal  horizontal  electric  dipole 
in  the  structure  of  Fig.  5,  if  the  layers  extend  to  infinity. 
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Fig.  6b  Theoretical  pattern  due  to  the  TE  leaky  wave  for  the  structure  of  Fig. 
5,  assuming  the  layers  extend  to  infinity.  The  leaky- wave  phase  and 
attenuation  constants  axe  found  numerically  as  /?/&o  =  .7084,  a/ko  = 
.0157.  The  pattern  is  calculated  from  Eq.  (15). 


0 


90° 


dB 

Fig.  v6c  Theoretical  pattern  due  to  the  same  TE  leaky  wave  as  in  Fig.  6b,  but 
with  a  radiating  aperture  starting  at  a  =  R  =  12.08Ao  and  extending  to 
b  =  co. 
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Abstract 

A  spiral  antenna  has  served  as  the  standard  circularly 
polarized  multi-octave  element  since  its  inception.  Antenna  systems 
using  the  right  or  left  hand  sense  spiral  are  ineffective  when 
receiving  the  opposite  sense  polarization.  Hence,  a  dual  circularly 
polarized  antenna  with  the  same  aperture  area  is  desired  to  receive 
all  polarizations  over  a  broad  band.  Recently,  efforts  have  resulted 
in  the  demonstration  of  an  innovative  concept  to  meet  the 
multi-octave,  polarization  diverse  challenge.  Equal  right  and  left  hand 
polarization  performance  has  been  achieved  from  a  single  radiating 
aperture  using  an  inherent  symmetry.  This  concept  employs  an  edge 
fed,  interleaved  log-periodic  antenna  referred  to  as  the  InterLog 
antenna.  The  edge  fed  geometry  improves  antenna  reliability  over  that 
of  the  center  fed  spiral  due  to  mechanical  and  thermal  stability.  The 
antenna  consists  of  four  interleaved,  curved  dipole,  log-periodic 
elements  placed  over  an  absorber-loaded  cavity.  Opposite  elements  are 
excited  180  degrees  out-of-phase  using  a  printed  circuit  infinite 
balun  approach.  Orthogonal  circular  polarizations  are  achieved  by 
connecting  the  balun  outputs  to  an  integral  stripline  90  degree 
coupler.  Analysis,  measured  pattern,  VSWR  and  isolation  data  are 
given,  demonstrating  the  effectiveness  oHhe  antenna  approach. 
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1.0  INTRODUCTION  With  the  rising  complexity  of  EW  threats,  radar 
polarizations  have  become  switchable.  Thus,  EW,  radar  warning  and 
DF  systems  must  respond  to  signals  having  any  polarization  over 
multi-octave  bandwidths.  Any  sense  polarization  can  be  received 
with  two  opposite  sense  circular  polarized  antennas.  This  however, 
requires  two  antenna  apertures,  which  is  often  not  acceptable 
due  to  space  constraints.  Thus,  a  polarization  diverse  antenna 
using  a  single  aperture  is  desired.  Table  1  summarizes  th^  advantages 
and  disadvantages  of  some  polarization  diverse  approaches  that  have 
been  considered.  Of  the  approaches  shown  in  Table  1,  the  InterLog  was 
chosen  as  the  preferred  approach  because  it  has  the  best  broad 
band  performance  and  reliability  potential  obtainable  in  a  compact 
package.  The  inherent  symmetry  of  the  InterLog  aperture  offers 
balanced  circular  polarization  response.  Key  technical  features 
together  with  theory  of  operation,  analysis,  and  test  results  of  the 
InterLog  design  are  presented  in  the  following  sections. 

2.0  TECHNICAL  APPROACH  The  InterLog  antenna  approach  is  a 
novel  array  of  orthogonal  interleaved  log  periodic  elements  with  radial 
baluns  integral  to  the  etched  antenna  aperture.  The  edge  fed  structure 
is  planar,  broadband  and  equally  sensitive  to  either  left  hand  or  right 
hand  circular  polarization.  This  is  uniquely  different  from  many  past 
polarization  diverse  approaches. 

The  interleaved  log  periodic  elements  form  a  circular  pattern 
and  are  placed  over  an  absorber  loaded  cavity  for  uni-directional 
broadband  performance.  A  typical  InterLog  antenna  is  shown  in 
Figure  1.  Figure  2  details  the  basic  geometry  from  which  the 
interleaved  structure  is  made.  The  basic  geometry  of  Figure  2a  may 
be  rotated  through  90,180  and  270  degrees  to  produce  the  interleaved 
aperture  shown  in  Figure  2b.  A  90  degree  hybrid  is  located  in  the 
antenna  cavity  base.  This  hybrid,  together  with  the  two  infinite  baluns 
(integral  to  the  antenna  aperture)  provides  the  necessary  RF  processing 
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to  obtain  simultaneous  left  hand  and  right  hand  circular 
polarization  response. 

Key  technical  features  of  the  InterLog  antenna  include:  1)  Dual 
circular  or  dual  linear  polarization  capability  from  a  single  radiating 
aperture.  Inherent  aperture  symmetry  responds  equally  well  to  either 
right  hand  or  left  hand  senses  of  circular  polarization,  2)  Various 
polarization  output  options.  Figure  3,  illustrates  dual  circular  or 
dual  linear  capability.  With  an  internal  switch,  dual  circular  or  dual 
linear  may  be  obtained  from  a  single  output  port.  3)  Orthogonal 
edge  fed  infinite  baiuns,  integral  to  the  printed  circuit  antenna 
aperture.  This  offers  the  advantage  for  reduced  cost  and  potential 
improved  reliability.  4)  Wideband  performance  (9:1)  similar  to  spiral 
antennas.  5)  Broad,  fixed  beam  radiation  patterns  and  gain  similar  to 
spiral  antennas.  6)  May  be  packaged  similar  to  existing  spiral 
antennas  for  retro-fitting  existing  systems. 

3.0  DESIGN  DESCRIPTION  Key  antenna  components  are  packaged 
in  a  single  antenna  housing.  This  includes:  1)  Dual  polarized  antenna 
aperture  with  integral  infinite  baiuns,  2)  90  degree  hybrid  and  3) 
Polarization  selection  switch.  Interface  between  the  edge  fed  antenna 
and  90  degree  hybrid  is  obtained  via  coaxiai  lines  passing  along  the 
inner  perimeter  of  the  antenna  housing.  The  foam  spacer  and 
graded  absorbers  provide  broadband  antenna  cavity  loading  similar 
to  cavity  backed  spiral  antennas. 

3.1  EXCITATION  REQUIREMENTS  To  achieve  polarization 
diversity  from  a  four  port  antenna,  each  of  the  feed  ports  must  be 
excited  with  equal  amplitudes  and  the  proper  phasing  as  shown  in 
Figure  4a.  One  of  the  physical  methods  of  realizing  this  excitation 
is  shown  in  Figure  4b.  The  180  degree  phase  shift  may  be  obtained 
by  discrete  Marchand  baiuns  or  1 80  degree  hybrids  while  the  90  degree 
phase  shift  is  normally  obtained  through  a  90  degree  structure.  Figure 
4c  shows  a  broadband  90  degree  coupler  designed  for  the 
InterLog  antenna.  The  polarization  selection  switch  allows  dual 
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polarized  outputs  from  a  single  antenna  output  port.  In  the,  InterLog 
design,  the  180  degree  phase  shift  is  achieved  with  orthogonal  printed 
circuit  infinite  bajuns  integrated;  into,  the  antenna  aperture.  This 
eliminates  the  external  180  degree  balun  normally  required.  Figure 
5  shows  a  printed  circuit  microstrip  balun  integrated  into  the  log  periodic 
structure.  A  stripline  version  of  this  balun  is  shown  in  Figure  6.  This 
arrangement  employs  three  dielectric  layers.  The  top  and  bottom 
layers  contain  the  same  log  periodic  element  etched  pattern  .  The 
orthogonal  stripline  feed  conductors  are  on  each  side  of  the  very  thin 
center  dielectric  layer.  Interdec  pins,  or  plated  through  holes  connect 
conductors  9,  3  and  12  at  point  (a),  and  conductors  11,7  and  13  at 
point  (b). 

3.2  ANALYSIS  AND  THEORY  OF  OPERATION  A  preliminary 
analysis  model  of  the  InterLog  element  aperture  was  analyzed  using 
the  PATCH  code.  This  is  a  general  purpose  method  of  moments 
(MOM)  code  based  on  the  solutions  of  the  electric  field  integral  equation 
that  was  developed  by  Johnson,  Wilton  and  Sharpe.111  The  simple 
model  assumed  a  perfectly  conducting  element  in  free  space  using 
rooftop  basis  functions  for  the  currents  on  the  triangulation  of  the 
element  shown  in  Figure  7.  Although  the  model  does  not  include 
the  feed,  termination,  substrate,  or  cavity  loading  effects,  it  still  shows 
a  strong  correlation  with  the  measured  data  and  is  useful  in  determining 
the  trades  for  the  geometric  parameters  of  the  aperture,  alpha,  tau,  sigma, 
feed  line  width,  and  radius.  A  representative  set  of  results  'is  shown 
in  Figures  8  through  10  at  10  GHz  for  a  circularly  polarized 
excitation.  As  can  be  seen  in  Figure  10,  the  approximate  analysis  model 
shows  good  correlation  of  pattern  shape  and  axial  ratios.  The  figures 


[1]  Johnson,  W.A.,  D.R.  Wilton  and  R.M.  Sharpe,  "Patch  Code  User’s  Manual",  Sandia 
National  Laboratories,  Sandia  Report  SAND87-2991,  May  1988 
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show  the  amplitude  and  phase  of  the  currents  on.  the.  feedline  and 
the  curvilinear -elements.  In  Figure  a,  the  numbered  curves-refer  to 
element  number  beginning  with  the  smallest  center  element  and 
progressing  outward.  From  the  data-  the  following  conclusions  can  be 
made, 

1)  The  currents  are  resonant  on  the  dipole  arms  that-  are 
approximately  one  half  wavelength  in  length;  On  each  arm  the  amplitude 
and  phase  are  approximately  cosine  shaped  and  constant  respectively. 

2)  The  phase  on  the  feed  line  tends  to.  delay  from  the  feed 
tip  to  the  outer  diameter.  From  the  feed  to  the  first  resonant  dipoles 
the  phase  slope  is  approximately  a  constant.  At  the  locations  of  the 
resonant  dipoles  the  phase  is  perturbed  by  the  loading  of  the  resonant 
arms. 

Computed  vertical  and  horizontal  patterns  from  the  currents  are 
shown  in  Figure  10  and  can  be  compared  with  the  measured  data.  This 
calculation  was  made  for  an  antenna  having  parameters  of  tau  =  0.8, 
alpha  =  60  degrees,  sigma  =Vtau,  w  =  0.047  inches,  and  radius  =  1.2 
inches.* 

4.0  TEST  RESULTS  To  validate  and  refine  performance  of  the 
InterLog  aperture,  preliminary  development  was  done  with  the  aperture 
connected  to  an  external  four  port  RF  processor.  The  antenna  was  fed 
at  the  center  with  four  phase  matched  coaxial  cables.  Section  4.1 
presents  test  results  of  the  coaxial  fed  InterLog  aperture  fed  with  a 
hardware  and  software  RF  processor.  Section  4.2  presents  test 
results  of  an  infinite  balun  {both  coaxial  and  printed  circuit)  integrated 
into  the  InterLog  aperture. 


The  authors  would  like  to  acknowledge  Jim  Prewitt  and  Richard  Smith  for  the 
computations  using  the  PATCH  code. 
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43  EXTERNAL  RF  PROCESSOR  FED  ANTENNA  The  initial 
development  objective^  was  to  determine  an  acceptable  scale  factor, 
tau;  and  alpha  angle  for  a  2.4  inch  cavity  backed  InterLog  antenna. 
Antennas  having  a  tau  ranging  from  0.5  to  0.94  were=  evaluated  while 
connected  to  a  external  RF  processor  via  four  phase  matched  coaxial 
^cables.  A  tau  of  0.8  was  determined  to  have  the  best  overall 
performance.  Figures  11  and  12  show  measured  antenna  patterns  in  dB 
for„RHC,  LHC  and  rotating  linear  source  polarizations  for  the  RHC  port 
and  LHC  ports -respectively. 

Conical  cut  radiation  patterns  taken  at  30  degrees  off  boresight 
are  shown  in  Figure  13a  and  13b  .  These  patterns  show  excellent 
circular  coverage  for  both  senses  of  circular  polarization.  The  large 
axial  ratio  and  cross  polarizations  are  a  result  of  the  non  optimum 
RF  processor  coupling  errors  and  noise  floor  limits  due  to 
processor  insertion  loss  at  18  GHz.  These  losses  are  expected  to 
be  significantly  reduced  when  the  external  four  port  processor  is 
replaced  with  an  internal  processor  consisting  of  orthogonal  infinite 
baluns  and  90  a  degree  hybrid. 

In  order  to  verify  the  RF  processor  as  an  error  source,  the 
antenna  aperture  data  was  collected  and  processed  with  the  software 
method  (simulated  RF  processor).  For  the  software  processing 
method,  the  anechoic  chamber  source  antenna  radiated  two  orthogonal 
linear  polarizations  while  the  received  amplitude  and  phase  were 
recorded  at  each  of  the  four  antenna  arms  (no  RF  processor)  as  a 
function  of  polarization,  spatial  angle  and  frequency.  This  data  as 
then  combined  through  a  computer  routine  simulating  a  "perfect"  RF 
processor  with  software  to  produce  RHC  and  LHC  and  rotating 
linear  polarization  responses  for  the  InterLog  antenna  aperture. 
Figure  14  shows  measured  InterLog  antenna  response  using  the 

perfect  software  RF  processor  for  the  LHC  port.  Note  that  the  axial  ratio 
and  cross  polarizations  have  significantly  improved  with  respect  to  the 
non  optimum  RF  (external)  processor  data.  This  technique  is  a 
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useful  method  for  establishing  error  budgets  for  the  aperture,  infinite 
balun,  and  90  degree  hybrid. 

Figure  15  snows  a plot  of  gain  vs  frequency  for  RHC,  LHG 
polarizations  and  the  respective  cross  polarizations.  Both  RHC  and  LHC 
polarizations  track  well  with  good  cross  polarization  rejection.  Gain 
tracking  between  RHC  and  LHC  can  be  further  improved  with  optimization 
of  the  RF  processor  design.  The  inherent  symmetry  of  the  aperture 
dictates  that  both  polarizations  should  perform  identically. 

4.2  INFINITE  BALUN  FED  APERTURE  This  section  discusses 
integration  of  orthogonal  infinite  baluns  into  the  antenna  aperture, 
thus  eliminating  two  180  degree  hybrids  in  the  RF  processor.  The  data 
presented  in  Section  4.1  is  for  an  InterLog  antenna  externally  fed  with  a 
four  port  (external)  RF  processor  using  four  phase  matched  coaxial 
cables. 

The  excitation  requirements  for  the  InterLog  antenna  are  shown 
in  Figure  4  where  opposite  ports  of  the  structure  require  equal  amplitude 
and  180  degree  phase  shift.  Only  some  log  periodic  structures  are 
suitable  for  excitation  with  an  infinite  balun.  For  example,  a  cavity 
backed  log  periodic  Zig  Zag  antenna  is  not  suitable  for  an  infinite  balun 
because  of  the  long  acute  angled  path  from  the  central  feed  point  to  the 
outer  perimeter  region.  The  infinite  balun  concept,  employing  a  non 
radiating  transmission  line  (coax,  stripline  or  properly  designed 
microstrip)  to  transport  RF  energy  to  the  antenna  feedpoint  is 
frequently  used  on  log  periodic  dipole  antennas.  A  linear  polarized 
element  was  fed  with  a  coax  infinite  balun  as  shown  in  Figure  16.  Gain 
of  this  configuration  for  a  (tau  =  0.8,  alpha  =  60  degrees,  Dia  =  2.4") 
is  shown  in  Figure  17.  The  infinite  balun  fed  structure  operates 
in  a  broadband  fashion.  The  low  frequency  gain  rolls  off  due  to 
constrained  diameter  and  non-optimum  (open  circuit)  termination. 
In  practice,  an  orthogonal  pair  of  microstrip  or  stripline  infinite 
baluns,  shown  in  Figure  5  and  6  could  be  used.  Figure  18  shows 
VSWR  of  two  orthogonal  microstrip  baluns  integrated  into  a  InterLog 
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aperture.  Broadband  characteristics  with  well  -behaved  VSWR  over 
most  of  the  band  are  observed  with  the  InterLog  antenna.  High 
VSWR  at  the  lower  band  edge  band  is  attributed  to  the  element 
being  unterminated.  Further  improvement  in  VSWR  can  be  achieved 
by  adjusting  the  impedance  of  the  infinite  balun  transmission  line  and 
the  feed  point  impedance  of  the  log  periodic  structure. 

5.0  FUTURE  REFINEMENTS  AND  APPLICATIONS  The  material 
presented  in  the  foregoing  sections  has  demonstrated  feasibility 
of  the  InterLog  concept.  While- much  progress  has  been  made,  there 
are  some  tasks  which  remain.  .Future  refinements  must  include:  1) 
Optimization  of  the  antenna  design  parameters.  2)  Optimization  and 
integration  of  the  printed  circuit  balun  into  the  antenna  aperture,  3) 
Interfacing  the  antenna/balun  assembly  with  the  90  degree  hybrid 
and  -4)  Integration  of  the  polarization  switch.  Planned  parameter 
variations  include:  1)  Optimization  of  the  aperture  design  parameter 
tau,  alpha,  sigma,  feeder  impedance,  balun  impedance  and  feedpoint 
impedance.  Analytical  modeling  described  in  Section  3.2  will  play 
an  important  role  in  optimizing  these  parameters,  particularly  when 
evaluating  design  parameter  sensitivities  such  as  tau  vs  alpha 
angle.  Other  areas  for  design  optimization  are  the  antenna  termination 
for  improved  low  frequency  performance  and  cavity  loading. 

Figure  19  illustrates  several  applications  for  the  InterLog 
antenna  ranging  from  flush  and  conformal  mounts  to  3-D  projections. 
Experience  shown  that  spiral  antennas  are  rather  forgiving  of  non 
planar  shape  changes.  Similarly,  it  is  expected  that  the  InterLog  may 
work  equally  well  in  non  planar  applications. 
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Interleaved  log  periodic 
Aperture  of  the  InterLog 
antenna 


The  basic  geometry  of  the 
InterLog  antenna  is  rotated 
through  90,  180,  and  270 
degrees  to  produce  the 
interleaved  aperture 

Figure  2.  InterLog  Antenna  Geometry 
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Figure  3.  InterLog  Antenna  Polarization  Output  Options 
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LHC  RHC 
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M964150C5 

Figure  4.  Excitation  Requirements  for  Dual  Sense 
Circular  Polarization  (a),  Hardware  Implementation 
(b),  and  90  Degree  Coupler  With  Polarization 
Selection  Switch  (c) 
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MICROSTRIP  ON 
TOP  SIDE 


FEED  REGION  DETAIL 
ORTHOGONAL  BALUN  CROSSOVER 
ON  OPPOSITE  SIDES  OF  SUBSTRATE. 


MICROSTRIP  ON 
BOTTOM  SIDE 


M96415006 


Figure  5.  Dual  polarized  Microstrip  Fed  Antenna. 

Solid  Lines  Represent  Circuit  on  Top  Side  of  Substrate. 
Dashed  Lines  Represent  Circuit  on  Bottom  Side  of 
Substrate 


Figure  6.  Dual  Polarized  interleaved  Log  Periodic 
Antenna  Employing  Orthogonal  Infinite  Baiuns  in 
Stripline  Form 
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Figure  7.  InterLog  Patch  Code  (MOM)  Geometry 
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(a)  Feedline  Current  Amplitude  vs  Distance  From  Center 


(b)  Feedline  Current  Phase  vs  Distance  From  Center 
Figure  8.  Feedline  Current  Amplitude  and  Phase 
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(a)  Curvilinear  Dipole  Current  Amplitude  Along  Arms 


(b) 


DATA  POINTS 

Curvilinear  Dipole  Current  Phase  Along  Arms 


M964I5020 


Figure  9.  Curvilinear  Dipole  Current  Amplitude  and 
Phase 
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Figure  10.  Measured  vs  Calculated  Amplitude 
Radiation  Pattern 
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Figure  13(a).  Conical  Amplitude  Patterns  at  30 
Degrees  From  Antenna  Axis,  interLog  Antenna 
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Figure  13(b).  Conical  Amplitude  Patterns  at  30 
Degrees  From  Antenna  Axis,  InterLog  Antenna 
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Figure  16.  Cavity  Backed  Log  Periodic  Antenna  Fed 
With  Conical  Infinite  Baiun 
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Figure  17.  MIN/MAX  Gain  vs  Frequency  With  Infinite 
Baiun 
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Figure  18.  VSWR  vs  Frequency  of  InterLog  Antenna 
With  Microstrip  Orthogonal  Infinite  Baiuns 
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Figure  19.  Potential  Installation  Configurations 
For  InterLog  Antenna 
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A  SIMPLE  CIRCULARLY  POLARIZER  PRIMARY  ANTENNA  FOR 


DIRECT  BROADCAST  FROM  SATELLITE  RECEIVERS 


Takashi  Nakamura  and  KameS  Maamria 
Gifu  University,  Japan 


ABSTRACT 

In  this  paper  we  propose  a  small  and  simple  printed  antenna  which  easily  pro¬ 
duces  circular  polarization  and  can  he  used  as  a  primary  antenna  for  reflectors  used 
for  the  12  GHz  band  direct  brodcast  from  satellite  (DBS)  reception.  The  design 
concept  idea  of  this  antenna  is  based  on  the  turnstile  type  antenna  configuration. 
It  is  a  single  fed  structure  consisting  of  a  pair  of  crossed  dipoles  connected  with 
two  angular  branches,  which  easily  generates  circularly  polarized  waves.  This  an¬ 
tenna,  with  a  director,  placed  over  an  infinite  ground  plane  is  analyzed  as  a  primary 
antenna  for  illuminating  parabolic  reflectors  used  for  DBS  reception.  A  design  ex¬ 
ample  is  realized  and  measured  at  2  GHz,  and  the  validity  of  the  theoretical  results 
is  confirmed  with  the  experiments. 

1.  INTRODUCTION 

DBS  receivers  are  now  gaining  popularity  in  Japan,  and  ?,re  increasingly  re¬ 
ceiving  considerable  attention  [l].  A  wide  variety  of  parabolic  reflector  antennas 
are  now  being  used  for  domestic  reception.  Since  the  shape  of  the  reflectors  used 
for  these  antennas  is  fixed,  the  characteristics  of  the  receivers  depend  primarily  on 
their  feeds.  The  commonly  used  feeds  are  horns,  as  they  produce  most  of  the  de- 
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sired  specifications.  However,  horns  are  expensive  to  manufacture  and  are  heavy. 
Recently,  microstrip  feeds  have  also  come  into  use.  These  antennas  have  the  ad¬ 
vantage  of  having  low  profile  structures;  however,  wide  bandwidths  are  difficult  to 
achieve  using  these  antennas. 

In  this  paper,  we  propose  a  small,  light  weight,  inexpensive  and  simple  wire 
antenna  for  circular  polarization  which  can  also  be  used  as  a  primary  antenna  for 
reflectors  used  for  direct  broadcast  from  satellite  reception.  The  design  concept  of 
this  antenna  is  based  on  the  turnstile  type  antenna  configuration.  It  is  a  single  fed 
structure  consisting  of  a  pair  of  crossed  dipoles  connected  with  angular  branches. 
With  this  configuration,  the  functions  of  the  power  divider  and  the  phase  shifter 
required  in  the  conventional  crossed  dipole  antenna  are  achieved  and  the  circular 
polarization  is  easily  produced.  A  theoretical  approach  for  the  circular  polarization 
condition  is  given.  Based  on  the  fact  that  the  mutual  coupling  between  the  two 
dipoles  is  minimal,  the  equivalent  circuit  of  the  antenna  is  determined,  and  the 
circular  polarization  condition  is  then  derived. 

This  antenna  is  used  in  the  structure  shown  in  Fig.l  ,  which  consists  of  the  cir¬ 
cularly  polarized  radiator  with  a  director,  placed  over  a  perfectly  conducting  ground 
plane,  and  studied  as  a  primary  antenna  for  reflectors  used  for  DBS  reception.  At 
12  GHz,  this  antenna  is  designed  to  be  manufactured  as  a  printed  antenna.  The 
less  than  1  dB  axial  ratio  bandwidths  realized  by  different  structures  of  this  antenna 
are  given.  The  variation  of  the  beam  shape  as  a  function  of  the  structure  of  the 
antenna  is  also  studied.  It  is  shown  that  this  antenna  can  be  used  for  reflectors  of 
various  shapes,  since  the  desired  beam  width  of  this  feed  for  a  particular  reflector  is 
obtained  by  adjusting  the  structural  parameters  of  this  antenna.  A  design  example 
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Fig.l.  The  configuration  and  structural  parameters  of  the  antenna. 

is  realized  and  its  characteristics  are  measured  at  2  GHz.  The  computed  axial  ratio, 
field  pattern  and  input  impedance  of  the  antenna  are  compared  to  the  measured 
data.  Good  agreement  between  the  theoretical  predictions  and  the  experiments  is 
found. 

2.  THEORETICAL  ANALYSIS 

The  turnstile  antenna  [2],  which  consists  of  two  crossed  dipoles  with  equal 
lengths  and  oriented  at  a  right  angle,  has  been  used  for  a  long  time  as  an  omnidirec¬ 
tional  or  a  circularly  polarized  antenna  because  of  its  simple  element  configuration 
and  its  simplicity  in  forming  an  array.  However,  to  generate  the  circular  polarization 
in  the  axial  direction,  the  currents  in  the  dipoles  must  be  equal  and  in  phase  quadra¬ 
ture.  This  is  generally  achieved  by  using  a  power  divider  and  a  phase  shifter.  This 
however  results  in  a  complexity  in  the  feeding  system.  The  antenna  structure  shown 
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in  Fig.2(a)  is  a  simple  flat  configuration,  consisting  of  a  single  fed  pair  of  crossed 
dipoles  connected  through  two  angular  branches,  is  designed  to  produce  circularly 
polarized  waves  in  the  axial  direction.  Following,  is  a  theoretical  approach  for  the 
analysis  of  this  antenna: 

Since  the  two  dipoles  are  oriented  at  a  right  angle,  the  mutual  coupling  between 
the  elements  is  very  small.  Therefore,  the  horizontal  element  consisting  of  the 
horizontal  dipole  with  the  angular  branches,  and  the  vertical  element  which  consists 
of  the  vertical  dipole,  are  treated  separately.  Considering  the  horizontal  element, the 
sum  and  difference  of  the  currents  flowing  in  this  element  can  be  used  to  decompose 
the  current  into  the  balanced  mode  current  h,  and  the  unbalanced  mode  current 
/„  [3].  When  the  terminal  voltage  is  applied  so  as  to  excite  only  one  of  these 
modes,  the  impedance  of  each  mode  is  obtained.  Let  Zb  and  Zu  the  impedance 
of  the  balanced  and  unbalanced  mode  of  the  horizontal  element.  On  the  vertical 
element,  an  umbalanced  current  Id  is  flowing  through  an  input  impedance  Zd-  For 
the  unbalanced  mode,  clement  1  is  equivalent  to  a  dipole  with  an  equivalent  radius 
which  depends  on  the  width  of  the  angular  branch.  For  simplicity,  and  since  the 
width  d  is  small,  we  approximate  the  radius  to  be  the  same.  Therefore,  since  the  two 
crossed  dipoles  have  the  same  length,  the  two  elements  have  the  same  impedance 
for  the  unbalanced  mode  Zd  =  Zu- 

From  the  foregoing,  the  equivalent  circuit  of  the  antenna  shown  in  Fig.2(a)  is 
given  by  Fig.2(b),  where  Zb  is  the  input  impedance  of  the  short-circuited  stub  formed 
by  the  angular  branch,  and  Zd  is  the  input  impedance  of  the  dipoles.  On  the  other 
hand,  since  the  stub  does  not  radiate  in  the  balanced  mode,  the  two  dipoles  are  the 
only  elements  contributing  to  the  radiation.  Thuafore,  the  radiated  electromagnetic 
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Fig-2,  (a)  Considered  structure,  (b)  Equivalent  circuit 


y 
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o 

Fig.3.  Approximated  equivalent  crossed  dipoles. 


field  of  the  present  antenna  is  equivalent  to  that  radiated  by  the  crossed  dipoles  of 
Fig.3.  The  currents  /„  and  Id  can  be  obtained  easily  from  the  equivalent  circuit. 

If  Ex  and  Ev  are  the  x  and  y  component  of  the  electric  far  field,  the  condition 
of  generation  of  the  circular  polarization  in  the  z  axis  is: 


Ey  ld  2  Zd-Zh 

Et  ~  Iu  ~  Zd  +  Zk  ~  ±h 
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where  the  upper  and  lower  signs  of  ±j  indicate  respectively  the  left  and  right  cir¬ 
cular  polarization.  Using  the  fact  that  Zt,  is  imaginary,  and  decomposing  the  above 
equation  to  the  real  and  imaginary  parts,  we  obtain  the  condition  of  generation  of 
the  circular  polarization: 


Rd  =  ±3AQ 

(2) 

Xi  =  T-4Rd/  3 

(3) 

with  Rd  +  jXd  =  Z,i  and  jXb  =  Zt, 

where  Xt  depends  on  the  distance  of  the  branch  location  lB,  and  is  given  by: 


Z0  =  120  In  Q 


(4) 


A  is  the  wavelength  and  Z0  is  the  characteristic  impedance  of  the  stub. 

Bq.(2)  is  satisfied  for  many  values  of  the  dipole  length.  The  lengths  of  about 
one  half  wavelength  used  in  the  conventional  crossed  dipoles  are  considered.  From 
the  approximation  of  the  input  impedance  of  an  about  half  wavelength  antenna  [3]: 


2 A/  /o/  \ 

Zd  C£  73.13  +  j42.55  +  jl20*-y-  Inf  , 


(5) 


where  2A /  =  2(/(  -  A/4)  and  indicates  the  deviation  from  the  half  wavelength;  the 
existence  of  a  solution  satisfying  the  two  signs  of  eq.(2)  around  the  half  wavelength 
is  verified.  Hence,  if  /j  <  A/4,  one  obtains  Xi  >  0  from  the  structural  constraint 
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I,  <  li't  and  the  lower  sign  of  eq.(3)  for  the  right  hand  circular  polarization  can 
easily  be  satisfied.  To  produce  the  left  hand  circular  polarization,  the  antenna  is 
simply  turned  over  so  the  positions  of  the  two  angular  branches  are  reversed. 

It  is  thus  shown,  that  the  circular  polarization  can  always  be  produced  by  an 
appropriate  choice  of  Zb  and  Zj  to  provide  the  neccessary  amplitude  ratio  and  phase 
difference  to  the  currents  /„  and  Id-  This  is  achieved  by  adjusting  the  length  of  the 
dipoles  1 1  and  l,. 

3.  DESIGN 

The  antenna  above  an  infinite  ground  plane  was  first  considered.  The  results 
obtained  show  that  with  this  configuration  the  antenna  can  not  be  used  as  a  feed 
for  parabolic  reflectors  designed  to  receive  direct  broadcasts  from  satellite  mainly 
because  of  its  relatively  large  beamwidth  compared  to  those  of  the  feeds  for  reflec¬ 
tors  used  for  DBS  reception  in  Japan.  A  director  is  then  used  for  narrowing  the 
beamwidth  of  the  antenna  and  giving  new  parameters  for  changing  the  dimensions 
of  the  antenna  to  obtain  the  desired  specifications  for  different  reflectors. 

The  designed  antenna  with  its  structural  parameters  is  shown  in  Fig.l.  The 
conductor  radius  used  for  the  different  elements  of  the  antenna  is  the  same  and  is 
denoted  by  a.  The  width  d  of  the  folded  branch  is  also  fixed,  for  simplicity,  to  a 
value,  taking  into  account  the  theoretical  approximation  and  the  ease  of  fabrication 
of  the  antenna.  The  two  crossed  dipoles  of  the  radiator  are  set  to  have  the  same 
length  / 1.  The  crossed  elements  of  the  director  also  have  the  same  length  /2.  The 
distance  between  the  radiator  and  the  ground  plane  h\  is  fixed  and  for  various  values 
of  i2  and  the  height  /»2  the  antenna  characteristics  are  computed.  The  computation 
is  carried  out  by  adjusting  for  every  configuration  the  values  of  l\  and  l,  to  minimize 
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Fig.4.  Values  of  /]  and  ls  that  produce  the  circular  polarization.Variation 
with  h 2  for  /2  =  0.22A. 

the  axial  ratio  on  the  axial  direction.  The  moment  method  with  the  pulse  function 
as  an  expansion  function,  and  the  della  function  as  a  weighting  function,  has  been 
used  for  the  computation  [4]. 

When  the  radiator  is  considered  without  ground  plane  or  director,  the  circular 
polarization  is  found  easily  for  values  of  /j  around  A/4;  and  from  eqs.  (3)  and  (4),  the 
theoretical  value  of  l,  is  found  to  be  approximately  0.075  A.  With  the  ground  plane 
and  director,  h  is  still  around  A/4,  but  /,  varies  with  the  position  of  the  director  as 
shown  in  Fig.4.  This  figure  illustrates  a  representative  example  of  the  variations  of 
/j  and  l,  as  a  function  of  h2  for  /2  =  0.22  A.  These  results  are  obtained  for  o  =  0.006  A, 
d  =  0.03  A  and  hi  =  0.25  A. 

4.  RESULTS  AND  DISCUSSION 

To  receive  the  Japan  allocated  band  of  11.7  -  12  GHz,  a  2.5%  frequency  band¬ 
width  antenna  is  needed.  The  axial  ratio  bandwidth  for  circular  polarization  of 
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j  this  antenna  is  determined  for  an  axial  ratio  of  less  than  0.97  dB  giving  a  cross 

i 

'  polarization  discrimination  level  of  less  than  -25 dB  as  fixed  by  the  1977  WA11C 

requirements  for  DBS  reception  [5]. 

\  y 

The  variation  of  the  bandwidth  as  a  function  of  l2  and  h2  is  shown  in  Fig.5. 
When  the  director  is  placed  close  to  the  radiator,  narrow  baridwidths  are. found. 
This  is  due  to  the  coupling  between  the  radiator,  the  ground  plane,  and  the  director. 
For  higher  positions  of  the  director,  the  bandwidths  increase  to  reach  the  2.5% 
around  h2  =  0.4  A.  The  bandwidth  continues  to  increase  as  h2  increases,  it  then 
starts  decreasing  for  higher  values  of  h2  to  a  value  of  4%  which  corresponds  to  the 
antenna  bandwidth  without  director.  The  curves  shown  in  Fig.5  are  for  values  of  l2 

4 

that  give  significant  variation  of  the  beamwidth  of  the  antenna  around  the  values 
that  are  generally  required  for  reflectors  used  for  DBS  reception  since  we  consider 
beamwidths  given  by  antenna  structures  achieving  the  necessary  2.5%  bandwidth. 

Since  the  reflector’s  geometry  is  fixed,  the  receiving  antenna  performance  de¬ 
pends  primarily  on  its  feed  characteristics.  The  beamwidth  of  the  feed  necessary 
to  produce  the  desired  illumination  on  a  particular  reflector  is  generally  given  as  a 
specification  for  parabolic  reflector  feeds.  This  is  expressed  by  the  beamwidth  of 
the  feed  at  a  certain  decibel  level  [6]. 

Fig.6  shows  the  variation  of  the  beamwidth  of  this  antenna  at  10  dB  level  as  a 
function  of  l2  and  h2.  It  shows  that  when  h2  is  smaller  than  0.2  A,  the  beamwidths 
are  large  due  to  the  high  sidelobe  levels.  For  these  values  of  h2  the  sidelobe  levels 
are  higher  than  10  dB,  resulting  in  high  values  of  the  beamwidth  at  this  level.  When 
*  the  position  of  the  director  is  higher  than  0.4  A,  the  beamwidths  become  larger.  This 

is  due  to  the  decreasing  efTect  of  the  director  when  placed  away  from  the  radiator. 

l 
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BEAMWIDTH  (DEG)  BANDWIDTH  (%) 


Fig.5.  Variation  of  the  less  than  1  dB  axial  ratio  bandwidth  of  the 
antenna  as  a  function  of  the  length  and  position  of  the  director. 


Fig.6.  Variation  of  the  —10 (ID  bcamwidth  of  the  antenna  as  a  function 
of  the  length  and  position  of  the  director. 
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Narrower  beamwidths  at  10  dB level  are  observed  as  the  length  l2  increases,  however 
it  is  noticed  that  wh<?n  l2  is  longer  than  0.23  A,  the  sidelobe  levels  become  higher 
and  wide  beamwidths  for  high  values -of  h2  are  also  observed.  When  the  length  l2  is 
shorter  than  0.21  A,  the  sidelobe  levels  are  lower;  however,  the  narrowest  beamwidths 
realized  using  these  structures  are  relatively  large.  For  /2  and  h2,  ranging  between 
the  values  mentioned  above,  narrower  beamwidths  with  relatively  low  sidelobe  levels 
are  found. 

From  Figs.  5  and  6  ,  we  can  see  that  for  bandwidths  of  2.5%  or  higher,  it  is 
possible  to  realize  beamwidths  varying  in  a  range  from  less  than  90  °  to  160  °  at  lOdB 
level  by  varying  the  structural  parameters  of  the  antenna.  Therefore,  this  antenna 
can  be  used  as  a  feed  for  various  shapes  of  reflectors,  as  we  can  find  the  antenna 
structure  which  gives  the  desired  beamwidth  for  a  particular  reflector. 

5.  DESIGN  EXAMPLE 

To  demonstrate  the  validity  of  the  computed  data,  a  design  example  is  fabricated 
and  its  characteristics  axe  measured  at  2  GHz.  The  structure  of  the  designed  antenna 
is  for  l2  =  0.22  A  and  h2  =  0.4  A.  For  this  structure  the  bandwidth  of  the  antenna  is 
about  3%  and  the  beamwidth  at  10  dB  level  is  approximately  100  ° .  The  remaining 
parameters  are:  l\  —  0.2218  A,  l,  =  0.1147  A,  hi  =  0.25  A,  d  =  0.03  A,  and  a  = 
0.06.A.  The  center  frequency  of  design  is  set  at  /0  and  the  axial  ratio,  the  radiation 
pattern  and  the  input  admittance  are  computed  using  the  moment  method  already 
described. 

The  antenna  is  then  designed  and  fabricated  for  the  center  frequency  of  2  GHz. 
A  lmx  lm  reflector  is  used.  A  splittted  coaxial  balun  is  used  to  provide  the  balanced 
feed  for  the  antenna.  The  structural  dimensions  are  set  at  the  theoretical  values  and 
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the  measurements  are  carried  out  to  find  first  the  practical  dimensions  of  the  antenna 
that  generate  the  circular  polarization  on  the  axial  direction.  This  is  accomplished 
by.  adjusting  and  ls  to  find  the  minimum  axial  ratio  at  the  center  frequency.  The 
new  values  of  li  and  /5  are  respectively  3.3  cm  and  1.95  cm  instead  of  the  theoretical 
values  3.32  cm  and  1.72  cm.  We  notice  that  /i  is  almost  the  same  as  the  theoretical 
value,  however,  ls  has  changed.  This  is  due  to  the  fact  that  in  the  theoretical 
calculations,  the  feed’s  diameter  is  neglected.  In  fact  it  is  found  that  lr  has  shifted 
on  each  side  a  distance  which  is  approximately  equal  to  the  radius  of  the  balun. 
The  radiation  pattern  and  the  frequency  dependence  of  the  input  admittance  of  the 
antenna  are  then  measured. 

Fig.7  shows  the  frequency  dependence  of  the  axial  ratio.  The  experimental 
minimum  axial  ratio  is  found  to  be  approximately  0.3  dB.  The  less  than  1  dB 
axial  ratio  bandwidth  is  found  to  be  almost  the  same  as  the  theoretical  value  of 
3%.  The  figure  shows  that  both  results  agree  well,  and  also  yield  excellent  circular 
polarization. 

Fig.8  shows  the  co-polarized  radiation  pattern  of  this  antenna,  it  shows  a 
symmetric  pattern.  The  effect  of  the  director  on  the  pattern  is  observed.  On  the 
axial  direction,  the  cross  polarization  level  is  around  5G  dB  below  the  on  axis  field. 
Adding  parasitic  elements  to  the  configuration  can  be  considered  to  improve  the 
pattern  shape,  if  spillover  problems  arise.  The  measured  pattern  shows  the  same 
100  °  beamwidth,  at  10  dB  level,  as  does  the  computed  pattern.  Considering  the 
variation  of  the  structure  of;the  antenna  between  the  theory  and  the  experiments, 
it  can  be  seen  that  the  computed  and  measured  data  agree  well. 
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FREQUENCY  ( F/F0 ) 


Fig.7.  Theoretical  and  measured  frequency  dependence  of  the  axial 
ratio  of  the  antenna  for  / 2  =  0.22A  and  h2  —  0.4A. 


Fig. 8.  Theoretical  and  measured  radiation  pattern  of  the  antenna  for 
l2  =  0.22A  and  h2  =  0.4A. 


13 


59 


CO 

S 


a 

D 

2 


s 

Q 

< 

H 

a 

a 

2 


Conductance 
—  Computed 
•  Measured 


Susceptance 
— —  Computed 
■  Measured 


X  ■ 


0.9 


1.0 


FREQUENCY  (F/F0) 


1.1 


Kig.9.  Theoretical  and  measured  frequency  dependence  of  the  input 
admittance  of  the  antenna  for  1%  =  0.22A  and  hi  ~  O.dA. 


The  frequency  dependence  of  the  input  admittance  of  the  antenna  is  shown  in 
Fig.9  .  Although  some  difference  in  the  susceptance  due  to  the  contribution  of  the 
feeding  gap  is  observed,  reasonable  agreement  between  the  calculated  and  measured 
values  can  be  seen. 


G.  CONCLUSION 

In  this  paper,  a  small  wire  antenna  with  a  simple  configuration  was  designed 
to  produce  circularly  polarized  waves.  A  theoretical  approach  for  the  analysis  of 
this  antenna  was  given.  This  antenna,  with  a  lirector,  placed  over  a  ground  plane, 
was  analyzed  as  a  primary  antenna  to  illuminate  parabolic  reflectors  used  for  DBS 
reception.  It  was  shown  that  this  antenna  can  be  used  for  various  reflectors  by 
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adjusting  its  structural  parameters.  The  characteristics  of  a  design  example  were 
computed,  and  the  antenna  was  fabricated  and  measured  at  2  GIIz.  After  com¬ 
parison,  good  agreement  between  the  theory  and  the  experiments  were  found.  The 
simple  configuration  of  this  antenna,  along  with  its  advantages  in  weight,  volume, 
cost  and  ease  of  fabrication,  makes  it  a  promising  candidate  for  use  as  a  primary 
antenna  for  parabolic  reflectors  used  in  DBS  reception. 
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Abstract 

Polarization  diversity  systems  receive  and  process  dual,  orthog¬ 
onally  polarized  signals.  A  circuit  consisting  of  hybrids  and  phase 
shifters  can  be  used  to  combine  the  dual  signals  which  can  be  of  arbi¬ 
trary  amplitude  and  phase.  With  the  proper  adjustment  of  the  phase 
shifters  the  total  power  can  be  sent  to  one  output  port  while  creat¬ 
ing  a  signal  null  at  the  other  output  port.  By  making  the  polarization 
combiner  adaptive  the  circuit  now  has  the  ability  to  respond  automat¬ 
ically  to  changes  in  the  incident  polarization.  The  design  incorporates 
a  unique  null  sensor  whereby  virtually  all  the  input  power  is  auto¬ 
matically  directed  to  one  output  port.  CW  signal  levels  at  the  null 
port  are  shown  to  be  suppressed  more  than  40dB  for  a  full  range  of 
input  phase  relationships.  Wideband  input  signals  are  shown  to  be 
suppressed  by  15dB  and  lOdB  for  a  5%  and  20%  bandwidth  signal 
respectively. 


1  Introduction 

Polarization  diversity  is  used  in  many  applications  including  signal  enhance¬ 
ment,  interference  suppression,  target  signal  analysis,  and  frequency  reuse. 
Diversity  systems  must  be  capable  of  receiving  and  processing  dual,  orthog¬ 
onally  polarized  components  of  incident  signals  which  may  be  of  arbitrary 
relative  magnitude  and  phase.  Optimum  performance  depends  on  the  ability 
of  the  system  to  adjust  to  rapid  changes  in  polarization  without  degrading 
system  sensitivity.  Several  adaptive  polarization  tracking  circuits  have  been 
described  in  the  literature[l][2][3].  Limitations  of  previous  approaches  in¬ 
clude:  a  requirement  for  pilot  tones  in  each  channel;  maintaining  the  two 
channels  at  equal  magnitudes  using  automatic  gain  control  (AGC)  circuits, 
which  could  result  in  a  sacrifice  in  sensitivity;  or  an  inability  to  track  rapidly 
scintillating  polarizations,  particularly  when  no  signal  is  present  at  one  input 
port.  This  paper  describes  the  design  and  test  results  of  an  adaptive  polar¬ 
ization  combiner  that  uses  a  unique  null  sensor,  feedback,  and  loop  compen¬ 
sation.  This  system  overcomes  the  limitations  of  previous  approaches. 


2  The  Polarization  Combiner 

The  following  sections  describe  the  polarization  combiner  and  the  control 
loops. 


2.1  Operation 

The  basic  polarization  combiner  shown  in  Figure  1  consists  of  two  90°  hybrids 
and  twowariable  360°  phase  shifters[4).  The  two  input  signals  (Vj  and  V j)  can 
have  an  arbitrary  amplitude  and  phase  relationship.  The  first  phase  shifter, 
PHI,  is  adjusted  so  that  the  two  signals  at  the  input  ports  of  hybrid  1  are 
in  phase.  These  result  in  two  equal  amplitude  signals  at  the  hybrid’s  output 
ports  with  a  phase  difference  related  to  the  amplitude  ratio  of  the  two  input 
signals. 

This  phase  difference  is  adjusted  by  the  second  phase  shifter,  PH2,  so 
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that  the  two  input  signals  of  hybrid  2  are  orthogonal.  As  a  result,  the  total 
-  power  of  the  two  input  signals  is  present  at  one  output  port  and  no  power 

**  reaches  the  other  output  port.  Consequently  the  total  energy  of  an  arbi¬ 

trarily  polarized  incident  signal  can  be  received  by  using  two  orthogonally 
polarized  antennas  feeding  the  polarization  combiner  of  Figure  1.  Sufficient 
information  regarding  the  phase  difference  and  relative  amplitudes  of  the  two 
input  signals  can  be  obtained  from  the  phase  shifter  settings  to  completely 
characterize  the  incident  signal  polarization. 

When  adjusted  properly,  the  polarization  combiner  exhibits  predictable 
vtctor  relationships  between  the  two  channels  at  the  input  and  output  ports 
of  the  hybrids.  The  circuit  described  in  this  paper  takes  advantage  of  the 
relationship  between  the  signals  at  the  output  ports  of  hybrid  2  and,  by 
adjusting  the  two  phase  shifters  accordingly,  is  able  to  maintain  the  desired 
amplitude  and  phase  relationships. 

To  better  understand  its  operation,  assume  that  thn  polarization  combiner 
has  been  adjusted  for  optimum  reception  of  a  particular  type  of  polarization 
(this  assumption  is  used  as  an  aid  in  understanding  the  circuit  operation  and 
is  not  a  requirement  in  actual  operation).  Phase  shifters,  PHI  and  PH2,  have 
been  adjusted  so  that  the  signals  at  the  input  ports  of  hybrid  2  are  orthogonal 
with  equal  amplitudes  resulting  in  a  signal  null  at  one  output  port.  Then,  if 
the  incident  polarization  were  to  change,  the  input  amplitude  ratio  and/or 
phase  difference  would  also  change.  A  change  in  the  amplitude  ratio  at  the 
input  ports  of  hybrid  1  will  cause  a  phase  change  at  the  input  ports  of  hybrid 
2.  A  change  in  the  phase  difference  between  the  signals  at  the  input  ports 
of  hybrid  1  will  cause  the  amplitude  ratio  at  the  input  ports  of  hybrid  2  to 
change.  Both  of  these  altered  conditions  will  result  in  a  degradation  in  null 
depth.  The  phase  change  at  the  input  ports  of  hybrid  2  can  be  controlled  by 
adjusting  PH2.  The  amplitudes  of  the  signals  at  the  input  ports  of  hybrid 
2  can  be  equalized  by  eliminating  the  phase  difference  at  the  input  ports  of 
hybrid  1.  This  is  accomplished  by  adjusting  PHI. 

Depth  of  the  null  at  the  output  port  of  hybrid  2  is  determined  by  the 
amplitude  ratio  and  relative  phase  difference  of  the  two  signals  at  the  input 
>  of  hybrid  2.  If  these  input  signals  are  equal  and  orthogonal,  they  cancel  at 

the  null  port  (assuming  an  ideal  hybrid).  If  they  are  not  orthogonal  or  do 
not  have  equal  amplitudes  then  they  do  not  exactly  cancel  at  the  null  port 
which  results  in  a  signal  there.  The  adaptive  polarization  combiner  described 
provides  loops  which  detect  a  change  in  the  input  polarization  by  detecting 
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a  signal  at  the  output  null  port  and  adjust  PHI  and  PH2  to  maintain  equal 
amplitude,  orthogonal  signals  at  the  input  ports  of  hybrid  2  regardless  of  the 
incident  signal  polarization. 


2.2  The  Null  Port  Signal 

When,  the  input  signals  of  hybrid  2  are  equal  and  orthogonal,  there  will  be 
no  signal  at  the  null  output  port  (assuming  an  ideal  hybrid).  As  the  input 
phase  and  amplitude  change,  a  signal  at  the  null  port  results.  This  signal 
has  a  particular  amplitude  and  phase  which  depends  on  the  input  conditions 
of  hybrid  2.  This  section  examines  how  a  departure  from  orthogonality  or  a 
mismatch  in  amplitudes  at  the  hybrid  input  is  reflected, in  the  output  signal 
at  the  null  port. 

Consider  a  90°  hybrid  with  equal  amplitude,  orthogonal  input  signals  as 
shown  in  Figure  2(a).  The  equal  amplitude,  orthogonal  condition  at  the 
input  ports  results  in  a  summation  of  the  signal  power  at  one  output  port 
and  a  null  at  the  other  output  port.  This  is  the  situation  for  hybrid  2  in  the 
combiner  shown  in  Figure  1. 

The  vectors  shown  in  Figure  2(b)  illustrate  the  output  signals  that  result 
when  the  input  signals  are  of  equal  amplitude  but  are  non-orthogonal.  This 
condition  affects  both  amplitude  and  phase  of  each  output  signal.  The  re¬ 
sulting  output  vectors  are  either  in  phase  or  180°  out  of  phase  depending  on 
whether  the  input  phase  difference,  a,  is  less  than  or  greater  than  90°. 

The  vectors  shown  in  Figure  2(c)  illustrate  the  output  signals  that  result 
when  the  input  signals  are  of  unequal  amplitude  and  orthogonal.  The  output 
ports  still  exhibit  the  sum  and  difference  characteristics  but  there  will  be  a 
finite  signal  at  the  null. port.  Its  amplitude  is  related  to  the  difference  in  am¬ 
plitudes  at  the  input  ports.  The  phase  difference  at  the  output  ports  is  either 
+90°  or  -90°  depending  on  which  input  signal  has  the  greater  amplitude. 

Therefore  if  the  signals  at  the  input  ports  of  hybrid  2  in  Figure  1  are 
not  orthogonal  with  equal  amplitude,  there  will  be  a  signal  present  at  the 
null  port.  The  component  of  this  signal  that  is  orthogonal  to  the  sum  port 
signal  is  related  to  the  amplitude  ratio  at  the  input  ports  of  hybrid  2  which 
is  in  turn  related  to  the  relative  phase  difference  at  the  input  ports  of  the 
combiner.  The  component  of  the  ntM  port  signal  that  is  in  phase  with  the 
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sum  port  signal  is  related  to  the  phase  difference  between  the  signals  at  the 
input  ports  of  hybrid  2  which  is  in  turn  related  to  the  amplitude  ratio  at 
the  combiner  input  ports.  The  phase  and  amplitude  of  the  output  signals, 
as  a  function  of  the  input  amplitude  ratio  and  the  relative  phase  difference, 
contain  the  information  required  to  implement  the  adaptive  control  loops. 


2.3  The  Null  Detector 

As  indicated  in  the  previous  section  the  signal  at  the  null  port  of  the  polar¬ 
ization  combiner  contains  information  about  a  change  in  the  incident  polar¬ 
ization.  By  detecting  the  amplitudes  of  the  vector  components  of  the  null 
port  signal  the  change  in  the  input  polarization  can  be  determined.  A  double 
balanced  mixer  operating  as  a  synchronous  detector  is  ideally  suited  for  this 
function,  because  the  dc  level  at  the  IF  (intermediate  frequency)  port  of  a 
detector  is  related  to  the  amplitude  of  that  component  of  the  RF  (radio  fre¬ 
quency)  signal  which  is  in-phase  with  the  signal  at  the  LO  (local  oscillator) 
port.  The  dc  component  at  the  IF  port  attains  its  maximum  positive  value 
when  the  RF  and  LO  signals  are  in  phase  and  attains  its  maximum  negative 
value  when  the  input  signals  are  180®  out  of  phase.  In  addition,  the  detector 
is  insensitive  to  that  component  of  the  RF  signal  which  is  in  quadrature  with 
the  signal  ot  the  LO  port. 

The  circuit  shown  in  Figure  3  is  the  polarization  combiner  with  an  adap¬ 
tive  loop  implemented  to  adjust  PH2.  The  synchronous  detector  senses 
changes  in  the  null  port  signal  due  to  variations  in  the  relative  phase  be¬ 
tween  the  input  signals  of  hybrid  2  and  feeds  back  an  error  signal  to  control 
the  phase  shifter  PH2. 

A  departure  from  orthogonality  at  the  input  ports  of  hybrid  2  will  produce 
a  signal  at  the  null  output  port  which  results  in  an  error  signal  at  the  IF 
port  of  the  mixer.  This  resulting  error  signal  at  the  IF  port  is  filtered  and 
integrated  to  produce  a  control  voltage  which  adjusts  PH2.  The  loop  will 
continue  to  adjust  PH2  until  the  signals  at  the  input  ports  of  hybrid  2  are 
again  orthogonal. 

The  circuit  shown  in  Figure  3  does  not  respond  to  amplitude  changes 
at  the  input  ports  of  hybrid  2  since  the  resultant  signal  at  the  null  port 
is  orthogonal  to  the  sum  port  signal.  A  control  signal  derived  from  these 


5 


67 


amplitude  differences  is  needed  to  adjust  PHI.  This  control  signal  is  derived 
by  first  shifting  the  sum  port  signal  by  90°  and  then-  applying  it  to  the  LO 
port  as  shown  in  Figure  4.  This  circuit  senses  changes  in  the  null  port  signal 
which  are  due  to  amplitude  mismatches  at  the  input  of  hybrid  2  and  feeds 
back  a  control  signal  related  to  the  error  signal  at  the  IF  port  which  is  used 
to  adjust  the  phase  shifter  PHI. 


2.4  The  Adaptive  Polarization  Combiner 

The  circuit  shown  in- Figure  5  is  the  polarization  combiner  with  adaptive 
loops  implemented  to  adjust  PHI  and  PH2. 

Hybrid  3  provides  orthogonal  signals  for  the  LO  ports  of  the  two  mix¬ 
ers.  The  signals  driving  the  RF  ports  of  the  mixers  are  obtained  by  splitting 
the  null  port  signal  into  two  paths.  The  component  of  the  null  port  signal 
generated  by  amplitude  changes  at  the  input  ports  of  the  polarization  com¬ 
biner  is  detected  in  mixer  1.  The  component  of  the  null  port  signal  due  to 
variations  in  the  relative  phase  between  the  signals  at  the  input  ports  of  the 
polarization  combiner  is  detected  in  mixer  2. 


3  Implementation  and  Results 

3.1  The  Circuit 

Figure  6  shows  the  complete  adaptive  polarization  combiner. 

To  maximize  bandwidth,  phase  delays  in  the  signal  paths  AB  and  DE 
as  well  as  the  paths  AC  and  DF  must  be  equalized.  To  achieve  the  bulk  of 
this  equalization,  the  circuit  in  Figure  8  uses  four  voltage  controlled  phase 
shifters  PH1A,  PH1B,  PH2A,  and  PH2B,  instead  of  two. 

The  signals  at  the  output  ports  of  hybrid  2  are  the  desired  sum  and 
difference  signals.  The  signal  at  the  null  port  of  hybrid  2  is  amplified  to 
improve  the  sensitivity  of  the  null  detector  circuit.  The  error  signals  at  the 
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IF  ports  of  the  two  mixers  are  sent  to  the  integrator  networks  to  obtain 
control  voltages  for  the  phase  shifters. 

Comparators  f/i,  I/2,  U3,  and  U4  are  used  as  limit  sensors.  To  explain, 
first  suppose  that  the  incident  polarization  causes  each  phase  shifter  control 
voltage  to  be  at  the  midpoint  of  the  output  range  of  the  corresponding  in¬ 
tegrators.  Now  suppose  that  the  incident  polarization  changes  in  a  manner 
that  causes  the  control  voltages  to  increase.  Eventually  the  phase  shifter 
control  voltages  reach  the  output  limit  of  the  integrators.  A  further  change 
in  the  incident  polarization  would  not  be  compensated  by  an  adjustment 
in  the  phase  shifters  and  the  polarization  combiner  can  no  longer  track  the 
incident  signal  polarization.  A  similar  situation  arises  as  the  change  in  the 
incident  signal  polarization  drives  the  control  voltage  to  its  minimum  limit. 
Comparators,  Ui,U2>U3,  and  U4,  sense  when  the  output  of  an  operational 
amplifier,  C/s,  f76,  U7,  or  C/s,  is  approaching  the  limits  (maximum  or  minimum) 
and  cause  the  control  voltage  to  change  by  an  amount  which  corresponds  to 
360°  change  in  the  two  phase  shifters.  As  a  result  the  polarization  combiner 
continues  to  track  the  changing  input  signal  polarization  and  the  control 
voltages  are  reset  at  a  value  which  is  not  near  the  maximum  (or  minimum) 
limit. 

Since  the  control  voltages  normally  ramp  through  their  adjustment  range 
until  an  input  signal  is  present,  the  limit  sensing  circuits  could  cause  a  prob¬ 
lem  if  there  is  a  signal  at  only  one  input  port.  Recall  that  when  operating 
with  two  input  signals  present,  the  control  loops  drive  the  null  signal  level 
down  to  where  an  error  cannot  be  detected.  The  phase  shifters  adjust  the 
hybrid  input  signals  to  the  proper  phase  relationship  in  order  to  maintain 
the  null  depth.  As  component  imperfections  introduce  phase  and  amplitude 
errors,  the  loops  will  automatically  control  the  phase  shifters  to  maintain 
the  null.  The  component  errors  manifest  themselves  as  small  errors  in  the 
phase  shifter  control  voltages,  but  it  is  possible  to  calibrate  out  these  errors 
(if  the  circuit  is  being  used  to  measure  polarization,  for  example).  However, 
if  there  is  no  signal  at  one  input  port,  amplitude  imbalances  in  the  hybrid 
will  prevent  the  equal  amplitude  condition  at  the  output  of  hybrid  1  from  oc- 
curing.  Consequently,  the  control  loop  will  continually  adjust  shifters  PHlA 
and  PH1B.  As  a  result  the  control  loop  will  produce  a  phase  modulated  out¬ 
put  signal.  This  could  be  a  problem  in  applications  where  use  of  the  sum 
channel  is  required.  Solutions  to  this  problem  are: 
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•  Detect  the  input  signal  levels  and  disable  the  phase  shifter  control  volt¬ 
ages  for  PH1A  and  PH1B  if  there  is  no.  signal  present  on  one  of  the 
channels. 

•  'Detect  the  presence  of  input  signals  by  thresholding  the  signal  at  the 
null  port  and  enabling  the  sweep  circuitry  only  when  a  specific  level 
of  error  signal  is  present. there.  .For  example,  the  presence  of  an  input 
signal  at.  A  or  D  could  be  sensed  by  thresholding  the  error  signal  at  the 
IF  output  of  mixer  2. 

The  circuit  shown  in  Figure  7  is  the  adaptive  polarization  combiner  of 
Figure  6  with  the  second  suggested  integrator  sweep  disable  circuit  added. 
The  detected  output  signal  at  the  IF  port  of  mixer  2  is  compared  with  a  pre¬ 
determined  threshold  level.  If  the  null  signal  increases  to  a  level  which  causes 
the  detected  IF  output  to  exceed  the  threshold  level  then  the  integrator  sweep 
circuit  will  be  enabled.  As  the  null  signal  is  reduced  and  the  detected  IF  level 
falls  below  the  threshold,  the  integrator  sweep  will  be  disabled. 

The  threshold  is  set  above  the  detected  IF  level  that  results  when  only 
one  input  signal  is  present  thus  preventing  the  phase  modulation  mentioned 
above.  However,  adding  the  disable  circuitry  makes  it  possible  for  changing 
polarizations  to  degrade  the  null  to  a  point  where  the  threshold  is  reached. 

Note  that  there  is  no  need  to  disable  the  control  circuits  for  PH2A  and 
PH2B. 


3.2  Results 

The  circuit  shown  in  Figure  6  has  been  implemented  and  results  have  been 
measured  at  350MHz.  The  curves  in  Figure  8  show  how  the  depth  of  the 
null  varies  as  a  function  of  the  input  phase  difference.  The  input  CW  signals 
are  locked  in  frequency  while  the  input  phase  difference  is  varied  over  a  full 
range  in  a  controlled  fashion.  The  input  amplitude  ratio  is  maintained 
constant  while  the  signal  level  is  adjusted  in  5dB  steps  to  generate  the  family 
of  curves.  The  curves  in  Figure  S  indicate  that  the  depth  of  the  null  remains 
relativly  constant  over  the  full  27r  phase  difference  range.  The  depth  of  the 
null  is  degraded  as  the  input  signal  level  is  decreased.  This  occurs  because 
the  detected  null  signal  can  be  suppressed  only  to  a  level  which  is  limited 
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by  offset  voltages  and  currents  in  the  sychronous  detector  and  operational 
amplifiers.  The  absolute  null  signal  level  remains,  constant  as  the  available 
power  and  sum  level  decrease.  The  discontinuities  in  the  curves  of  Figure 
8  are  caused  by  the  limit  sensing  circuit.  As  the  input  phase  difference 
changes,  the  integrators  approach  the  maximum  level  and  the  limit  sensing 
circuit  toggles.  During  the  time  that  the  comparators  toggle  and  the  loop 
readjusts,  the  depth  of  the  null  degrades.  This  is  manifested  as  a  spike  in 
the  null  depth  vs.  phase  curve  of  Figure  8.  When  operated  as  a  polarization 
combiner  or  polarization  tracker  the  spike  is  transitory  while  the  adaptive 
loop  readjusts.  The  null  depths  will  therefore; regain  its  steady  state  value 
and  the  spike  shown  in  the  curves  can  generally  be  ignored. 

The  curves  in  Figure  9  show  the  hull  depth  vs.  phase  characteristics  for 
unequal  input  amplitudes.  The  input  amplitude  at  port  A. is  maintained  at 
-lOdBm  while  the  amplitude  at  port  D  is  varied.  Recall  that  the  null  port 
output  signal  level  can  only  be  suppressed  to  some  fixed  minimum  value. 
Therefore,  the  separation  between  the  sum  port  and  null  port  power  levels 
(null  depth)  is  directly  influenced  by  the  variable  input  signal  level  at  port  D. 
As  that  signal  level  decreases,  the  null  depth  becomes  more  dominated  by  the 
input  power  level  at  port  A.  Eventually,  port  D  signal  level  can  be  decreased 
to  a  level  where  it  has  no  significant  influence  on  the  sum  port  power  level  and 
so  does  not  affect  the  null  depth.  Then  the  loop  acts  as  if  there  is  only  one 
input  signal  present.  This  is  shown  in  curve  (d)  of  Figure  9.  The  input  power 
level  at  port  D  is  set  near  the  minimum  level  that  the  polarization  combiner 
can  detect  as  an  input  signal.  As  the  input  phase  difference  sweeps,  the  null 
depth  for  curve  (d)  remains  relatively  constant.  Due  to  amplitude  ripple  the 
input  level  briefly  drops  below  the  minimum  detectable  level  and  the  null  is 
degraded.  This  null  degradation  would  be  eliminated  by  implementing  the 
integrator  sweep  disable  circuit  shown  in  Figure  7. 

The  performance  of  the  polarization  combiner  when  a  wideband  signal  is 
present  at  the  input  ports  was  also  investigated.  The  experiment  is  performed 
over  a  5%  and  20%  bandwidth  centered  at  325MHz.  The  test  was  performed 
for  four  different  phase  relationships  at  the  input  and  the  resulting  curves 
are  shown  in  Figure  10(a)  and  (b).  As  the  curves  indicate,  the  circuit  is  able 
to  maintain  a  15db  null  over  a  5%  bandwidth  and  a  lOdB  null  over  a  20% 
bandwidth.  This  is  true  for  the  four  input  phase  relationships  shown. 

The  ability  to  respond  to  rapidly  scintillating  incident  polarizations  is 
determined  by  the  RC  time  constant  of  the  integrator.  A  trade  off  exists 
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between  the  circuits  ability  to  quickly  lock  on  the  new  polarization  and  the 
accuracy  to  which  the  polarization  type  can  be  determined.  No  effort  was 
made  to  optimize  the  integrator  time  constant  for  this  experiment. 


3.3  Summary 

The  adaptive  polarization  combiner  discussed  in  this  paper  is  a  circuit  with 
the  following  novel  features  incorporated  in  the  design: 

•  A  unique  combination  of  components  which  provides  adaptive  polar¬ 
ization  combining  with  maximum  S/N. 

•  A  null  sensor  which  provides  inputs  to  two  separate  feedback  loops. 

•  Limit  sensing  circuits  which  switch  the  phase  shifters  360°  when  a  limit 
is  approached,  thus  allowing  the  loops  to  track  conditions  which  require 
phase  adjustment  in  excess  of  the  phase  shifter  range. 

•  A  loop  which  senses  the  detected  error  level  and  disables  the  ramping 
output  of  the  integrators  that  would  otherwise  result  when  there  is  a 
signal  present  at  only  one  input  porl. 

With  the  above  features  the  result  is  a  polarization  combiner  which  has 
a  capability  of  responding  to  any  type  of  incident  polarization,  regardless  of 
the  previous  incident  signal  or  prior  state  of  the  combiner.  For  narrowband 
applications  the  null  depth  can  be  maintained  to  greater  than  20dB  for  all 
practical  input  phase  and  amplitude  relationships.  When  components  are 
selected  to  have  a  flat  phase  vs.  frequency  response  and  minimal  phase 
and  amplitude  errors,  the  null  depth  can  be  maintained  over  an  appreciable 
bandwidth. 
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Power  splitter 


Figure  6.  Preferred  Embodiment  of  Adaptive  Polarization  Combiner 


Power  splitter 


Figure  7.  Adaptive  Polarization  Combiner  With  Integrator  Sweep 
Disable  Loop 
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Figure  8.  Null  Depth  as  a  Function  of  Phase  Difference  for  Equal 
Amplitude  Input  Signals 
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Figure  9.  Null  Depth  as  a  Function  of  Phase  Difference  for  Unequal 
Amplitude  Input  Signals 
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Figure  (10a) 
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Figure  10.  Performance  for  Wideband  Equal  Amplitude  Input  Signals 
with  Constant  Phase  Difference 
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Abstract 


A  Circular  Polarization  Selective  Surface  (CPSS)  is  a  surface 
that  reflects  one  sense  of  circular  polarization  but  transmits  the 
other.  While  linear  polarization  selective  surfaces  are  fairly 
common,  a  CPSS  has  been  reported  only  recently.  In  this  paper,  a 
new  CPSS  with  improved  characteristics  is  presented. 

This  CPSS  is  made  of  a  dielectric  slab  with  wires  printed  on 
both  surfaces  and  connections  through  the  slab.  It  is  easier  to 
fabricate  than  the  previously  known  CPSS  which  requires  that 
transmission  lines  cross  the  dielectric. 

The  response  of  the  CPSS  to  a  plane  wave  excitation  was 
simulated  using  the  method  of  moments  for  thin  wires.  The  effects 
of  the  dielectric  were  neglected.  Mutual  coupling  and  losses  were 
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taken  into  account.  Simulation  results  show  that  the  scattering 
cross-section  of  the  surface  to  one  circular  polarization  is  more 
than  80  times  higher  than  to  the  other  polarization. 

A  CPSS  has  been  fabricated.  Preliminary  transmission 
measurements  show  that  the  surface  permits  most  of  one  polarization 
to  pass  through  while  rejecting  the  other  polarization  by  more  than 
15  dB.  These  results  are  in  good  agreement  with  the  theory. 

1.  Introduction 


A  Circular  Polarization  Selective  Surface  (CPSS)  is  a  surface 
that  reflects  one  sense  of  circular  polarization  but  transmits  the 
other.  Figure  1  illustrates  the  functional  principle  of  operation 
of  a  CPSS. 

While  parallel-wire  grids  used  as  linear  polarization 
selective  surfaces  have  been  known  and  used  for  a  long  time,  a  CPSS 
has  been  reported  only  one  year  ago1.  In  the  present  paper,  a  new 
CPSS  is  reported.  Its  main  advantage  is  that  it  is  easier  and 
cheaper  to  fabricate. 
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Figure  g  shows  a  drawing  of  the  CPSS  that  will  be  presented 
in  this  paper.  It  is  made  of  a  large  number  of  identical  cells 
distributed  on  a  square  grid.  The  cell  element  is  the  critical 
component  that  determines  most  of  the  electrical  and  mechanical 
characteristics  of  the  CPSS.  It  will  be  described  in  section  3. 


2.  Theorems  for  CPSS 


In  the  following,  an  infinite  planar  slab  (of  finite 
thickness)  will  be  called  symmetrical  if  it  looks  the  same  from  both 
sides  except  for  a  rotation  around  an  axis  perpendicular  to  the 
slab . 


Assuming  that  a  CPSS  is  reciprocal,  lossless,  perfectly 
selective,  and  symmetrical,  one  can  derive  the  following  two 
theorems.  The  wave  reflected  by  a  CPSS  will  be  of  the  same 
polarization  as  the  incoming  wave.  The  wave  transmitted  by  a  CPSS 
will  be  of  the  same  polarization  as  the  incoming  wave. 

The  first  theorem  can  be  proven  by  showing  that  if  there  was 
a  polarization  change  of  the  reflected  wave,  the  surface  would  be 
a  perfect  conductor.  Suppose  a  RHCP  wave  is  reflected  from  a 
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surface  as  a  LHCP  wave,  chan  by  reciprocity,  a  LHCP  wave  will  be 
reflected  as  a  RHCP  wave.  In  this  case,  the  surface  does  not 
transmit  any  wave  and  is  equivalent  to  a  perfect  conductor. 
Therefore,  a  CPSS  cannot  change  the  sense  of  polarization  of  the 
reflected  wave. 

The  second  theorem  can  be  proven  as  follows.  If  a  surface 
reflects  RHCP  on  one  side  and  is  symmetrical,  then  it  reflects  also 
RHCP  on  the  other  side.  Therefore,  LHCP  must  be  transmitted  as  LHCP 
otherwise  it  would  violate  reciprocity. 

Another  theorem  states  the  following:  an  infinite  CPSS  cannot 
be  made  of  an  infinitely  thin  surface.  In  other  words,  an  infinite 
CPSS  must  have  a  finite  thickness.  This  can  be  shown  as  follows. 
An  infinitely  thin  surface  made  of  dielectric  and  conductors 
scatters  identical  waves  on  both  sides  except  that  the  sense  of 
polarization  is  reversed.  If  a  RHCP  wave  hits  such  a  surface,  the 
scattered  wave  in  the  transmitted  direction  would  have  to  be  RHCP 
to  cancel  the  incoming  wave,  but  it  would  also  have  to  be  RHCP  in 
the  reflected  direction  according  to  the  first  theorem.  The 
polarization  would  be  the  same  in  both  directions  which  is  not 
possible  for  an  infinitely  thin  surface. 
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3 .  Description  of  the  New  Unit:  Cell  Element 

The  previously  reported  CPSS  element1  is  shown  in  Figure  3. 
The  CPSS  is  made  of  a  planar  array  of  half-wave  dipoles  on  each  side 
of  a  dielectric  slab  that  is  used  only  for  support.  Crossing 
through  the  slab,  transmission  lines  connect  dipoles  together.  At 
frequencies  of  1  GHz  and  higher,  the  transmission  lines  are 
increasingly  difficult  to  fabricate  because  of  their  small  size, 
and  a  simpler  design  is  desirable.  The  main  difficulty  with  the 
transmission  lines  is  that  they  are  half  a  wavelength  long  and  the 
dielectric  support  is  only  a  quarter  wavelength  thick.  If  the 
transmission  lines  are  not  folded,  different  dielectrics  have  to  be 
used  for  the  slab  and  the  transmission  lines.  This  is  a  strong 
disadvantage  since  in  a  practical  CPSS,  thousands  or  tens  of 
thousands  of  cells  are  needed. 

The  new  proposed  cell  element  is  shown  in  Figure  A.  It  is 
made  of  a  single  piece  of  wire  bent  in  3  dimensions.  It  does  not 
use  transmissions  lines  and  printed  circuit  technology  can  be  used 
for  fabrication  above  few  GHz. 

The  element  is  made  of  a  onerwavelength  long  wire  bent 
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according  to  Figure  4.  A  LKCP  plane  wave  propagating  in  the  +z- 
direction  will  excite  the  one-wavelength  resonance  of  the  wire  while 
a  RHCP  wave  will  not.  By  definition,  we  will  call  a  "left  CPSS"  a 
surface  that  reflects  LHCP  waves  while  a  "right  CPSS"  reflects  RHCP 
waves.  The  sense  of  reflection  instead  of  the  sense  of  transmiss^  >n 
is  used  to  name  the  surface  because  CPSS's  are  used  to  make 
reflectors  and  it  seems  to  make  more  sense  to  call  a  "left"  (CPSS) 
reflector,  a  reflector  that  reflects  left  waves,  the  right  wave 
seeing  nothing  at  all.  A  right  CPSS  element  is  the  mirror  image  of 
the  element  shown  in  Figure  4. 

Figure  5  explains  the  behaviour  of  a  left  CPSS  element  in  the 
presence  of  LHCP  wave.  It  is  useful  to  decompose  the  wave  into  two 
linearly  polarized  components  as  shown  in  the  figure.  Assuming  the 
wave  is  propagating  in  the  +z  direction,  the  y-component  is  a 
quarter  wavelength  ahead  of  the  x- component.  Each  component,  x-  and 
y-,  strikes  one  wire  segment,  a  and  c  respectively.  Two  full- 
wavelength  resonances  are  excited,  one  from  each  end  of  the  wire. 
Because  of  the  phase  relation  between  the  x-  and  y-components  and 
the  position  of  the  wire  segments,  both  resonances  are  excited  in 
phase  and  the  currents  add  up.  However,  for  a  RHCP  wave,  the  y- 
component  is  180  degrees  out  of  phase,  compared  with  a  LHCP  wave, 
and  the  two  resonances  cancel  each  other. 
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To  show  this  effect,  a  modified  moment  method  program2  was 
used  to  calculate  the  scattering  cross-section  (SCS)  of  a  cell 
element  one -wavelength  long  at  1.0  GHz.  Figure  6  shows  the  result 
for  both  LHCP  and  RHCP  waves .  The  SCS  at  resonance  for  LHCP  is 
about  40  times  larger  than  for  RHCP.  Resonance  is  shifted  to  higher 
frequencies  by  about  2%.  The  normalization  of  the  SCS  was  chosen 
as  follows.  The  SCS  of  a  very  large  and  totally  reflective  surface 
is  twice  the  surface  area.  Since  the  CPSS  is  also  reflective  (for 
one  sense),  then  it  SCS  will  be  twice  its  surface  area.  The  cell 
dimension  is  half-wavelength  on  the  side  to  form  a  "full"  array. 
Therefore,  by  selecting  twice  the  cell  area  as  the  normalization 
factor,  the  normalized  element  SCS  must  be  about  1.0  to  be  useful. 
This  is  the  result  obtained  in  Figure  6.  Of  course,  mutual 
impedance  between  the  cells  and  the  direction  in  which  the 
scattering  is  made  may  affect  the  results  but  these  factors  will  not 
be  treated  here. 


4.  Simulation  of  a  25-Element  CPSS 


The  cell  elements  can  be  used  to  form  a  rectangular  array  as 
shown  in  Figure  2.  The  cell  size  is  half  a  wavelength  by  half  a 
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wavelength.  Using  the  same  program  as  above,  the  SCS  has  been 
calculated  for  25  cell  array  and  the-  result  is  shown  in  Figure  7. 
The  normalization  factor  is  twice  the  array  surface  area  as 
discussed  above.  The  ratio  of  the  left  and  fight  SCS  at  resonance 
is  now  84.  There  is  a  6%  shift  in  the  resonance  frequency  due  in 
part  to  mutual  coupling.  The  SCS  for  the  LHCP  wave  is  about  1.0  as 
desired. 

Figure  8  shows  the  bistatic  cross-section  of  the  same  CPSS. 
The  scattered  power  is  concentrated  in  the  direction  normal  to  the 
surface  and  there  is  minimal  radiation  in  the  plane  of  the  CPSS. 
This  is  the  desired  result. 


5.  Experimental  Results 

A  left  CPSS  made  of  100  cells  was  fabricated  and  initial 
measurements  were  made.  The  setup  used  is  shown  in  Figure  9.  The 
CPSS  was  placed  between  two  quad- ridged  horns  and  transmission 
measurements  were  made  for  both  RHCP  and  LHCP  waves. 

The  measurement  sequence  proceeded  as  follows.  First  the 
horns  are  connected  for  LHCP  waves.  A  transmission  measurement  is 
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made  without  the  CPSS.  Then  the  CPSS  is  inserted  between  the  horns 


and  a  new  transmission  measurement  is  made  on  the  same  graph.  The 
sequence  is  repeated  for  RHCP.  Figure  10  shows  the  result  for  LHCP. 
The  response  when  the  CPSS  is  present  shows  a  rejection  of  the 
signal  of  more  than  20  dB  at  7.5  GHz.  In  other  words,  the  surface 
does  not  let  the  LHCP  wave  go  through.  In  Figure  11,  measurements 
for  RHCP  are  shown.  It  is  shown  that  the  surface  is  almost 
transparent  to  the  wave .  The  difference  between  the  reference 
signal  and  the  transmitted  signal  being  less  than  1  dB. 

The  surface  behaves  as  expected. 


6 .  Potential  Applications 

There  are  several  potential  applications  for  CPSS's.  Three 
are  presented  here. 

Figure  12  shows  a  Cassegrainian  antenna  with  a  CPSS  sub¬ 
reflector  that  eliminates  shadowing.  A  left  wave  coming  out  of  the 
horn  is  reflected  by  a  left  sub-reflector  as  a  left  wave.  This  left 
wave  bounces  off  the  main  reflector  as  a  right  wave  that  does  not 
see  the  sub -reflector  any  more  and  shadowing  is  eliminated. 
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Figure  13  shows  a  mirror  antenna.  The  left  wave  coming  out 
of  the  horn  hits  the  main  reflector  made  of  a  left  CPSS.  The  wave 
is  reflected  down  as  a  left  wave,  is  reflected  off  the  flat  plate 
as  a  right  wave,  and  goes  through  the  main  reflector  unimpeded. 

Figure  14  shows  a  dual-reflector  antenna  with  a  CPSS  sub¬ 
reflector.  Both  right  and  left  polarizations  could  be  vised  at  the 
same  frequency  if  the  sub -reflector  can  be  made  to  generate  very 
little  cross  polarization. 


7 .  Conclusion 


This  paper  has  described  a  new  CPSS  that  is  easy  to  fabricate 
and  that  has  excellent  electrical  characteristics.  Preliminary 
experimental  results  confirmed  the  theoretical  findings.  Several 
potential  applications  were  presented. 
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Figure  1.  Interaction  of  circularly  polarized  waves  with  a  left  CPSS 
or  a  perfect  conductor. 

(  LHCP:  left-hand  circularly  polarized  ) 

(  RHCP:  right-hand  circularly  polarized  ) 
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Figure  2.  Drawing  of  the  new  circular  polarization  selective 
surface  as  seen  from  one  side  of  its  dielectric  sheet.  The 
other  side  is  identical  except  that  the  wires  are  rotated  by 
90  degrees. 


Figure  3.  Tilston’s  CPSS  element  made  of  two  dipoles  and 
one  transmission  line. 


92 


Figure  4.  Left  CPSS  element  (lengths  are  in  wavelength). 
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Figure  5.  Full  wavelength  resonance  of  a  left  CPSS  element. 
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Figure?  8,  Bistatic  Cross-Section  of  a  25-Cell  left 
illuminated  by  an  incident  LHCP  wave  normal  to  t 
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Figure  9.  Experimental  setup. 
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Figure  13.  Mirror  antenna. 


Figure  14.  Frequency  reuse  t y  polarization  diversity. 
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OF  ARRAY  AND  ANTENNA  TECHNOLOGY 
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WESTINGHOUSE  ELECTRIC  CORPORATION 
BALTIMORE,  MARYLAND 


1.0  ABSTRACT 

The  next  major  air  route  surveillance  system  being  designed  for  the  FAA  and 
USAF,  the  ARSR-4,  will  include  the  ability  to  determine  aircraft  height,  in  addition  to 
range.  Cost  considerations  favor  a  rotating  antenna,  while  performance  requirements 
in  rain  make  a  circular  polarization  option  practically  indispensable.  Timing 
considerations  make  a  multiple  elevation  beam  configuration  the  design  of  choice. 
Low  sidelobes,  and  a  narrow  base  beamwidth  complicate  the  azimuth  pattern 
requirements. 

A  unique,  economical  solution  to  all  these  antenna  requirements  has  been 
developed  and  experimentally  proven,  and  will  soon  be  in  production.  The  antenna 
uses  a  reflector  in  order  to  minimize  the  number  of  elements  which  are  switchable  to 
circular  polarization.  It  uses  multiple  feeds,  stacked  in  elevation  to  form  multiple 
elevation  beams.  To  prevent  blockage,  the  feed  system  is  offset.  Then  to  remove  the 
phase  distortion  that  offsetting  causes,  the  feed  system  is  widened  in  azimuth.  This 
forces  a  reflector  design  with  non-equal  vertical  and  horizontal  focal  lengths.  To 
separate  beams  into  manufacturable  rows,  the  feed  is  curved. 

The  design  logic  and  considerations,  followed  with  a  description  of  an 
experimental  test  program  which  proved  the  concept,  are  discussed. 

2.0  BACKGROUND 

The  requirements  for  next  generation  L-band  surveillance  radars,  the  ARSR-4, 
include  the  need  for  antennas  with  long  range,  high  resolution,  low  sidelobes  (-35  dB 
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peak  in  azimuth),  3-D  coverage,  and  performance  in  adverse  weather  conditions.  In 
addition  the  antenna  must  be  capable  of  being  used  at  minimally  attended  or 
unattended  sites,  so  high  reliability  and  low  maintenance  are  also  critical 
requirements.  In  an  era  of  ever  tightening  budgets,  affordability  is  a  critical 
requirement,  indicating  that  any  design  approach  needs  to  be  cost  effective.  In  order 
to  operate  in  clutter  with  a  high  data  rate  and  3-D  coverage,  an  ideal  antenna  would 
have  low  sidelobes,  with  multiple  elevation  beams  and  selectable  linear  or  circular 
polarization. 

An  antenna  concept  for  a  low  cost  approach  to  this  high  performance  L-band 
surveillance  radar  system  was  developed.  It  involved  a  novel  combination  of  reflector 
and  array  techniques,  which  some  thought  radical  enough  to  warrant  a  full  scale  model 
to  convince  them  of  its  viability.  To  allay  all  doubts  a  full  scale  breadboard  or 
demonstration  antenna  was  designed,  built,  and  tested.  This  project  was  carried  out  in 
less  than  one  year  from  the  beginning  of  design  to  completion  of  test.  The 
demonstration  antenna  consisted  of  a  full  size  (42’  x  32,5’)  reflector  fed  by  a  feed  array 
consisting  of  196  dual  polarized  radiating  elements  (figure  1). 

Several  alternate  designs  were  initially  considered,  prior  to  settling  on  the  array 
fed  reflector  as  the  optimal  configuration.  The  candidates  considered  were  a  dual 
polarized  corporate  fed  planar  array,  a  horizontal  parabolic  cylinder  fed  by  an  offset 
array,  a  dual  parabola  reflector  fed  by  stacked  horns,  and  the  array  fed  reflector.  The 
array  fed  reflector  is  a  dual  paraboloid  reflector  fed  by  a  polarization  diverse 
conformal  array  which  is  offset  to  eliminate  high  azimuth  sidelobes  aperture  blockage 
would  cause.  After  reviewing  anticipated  performance,  complexity,  and  relative  cost, 
the  array  fed  reflector  was  chosen  for  further  development. 
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3.0  DESIGN 

The  array  fed  reflector  consists  of  a  precision  dual-parabola  reflector  which  is 
fed  by  an  array  offset  below  the  radiating  aperture.  The  face  of  the  feed  array  is 
cylindrical  in  azimuth  and  tilted  in  elevation.  It  is  built  in  azimuth  rows  which  are 
fabricated  out  of  air  dielectric  stripline.  Each  azimuth  row  forms  a  beam,  albeit  a  high 
elevation  sidelobe  beam,  at  a  specific  elevation  angle.  These  beams  are  then  combined 
in  sets  and  weighted  to  yield  multiple  elevation  beams  which  are  broader  than  the 
individual  row  patterns,  have  low  elevation  sidelobes,  and  are  used  for  height  finding. 

The  first  step  was  to  use  an  optical  ray  tracing  process  to  determine  the  size  and 
shape  of  the  reflector,  and  the  tilt  and  curvature  of  the  feed.  The  reflector  shape  thus 
determined,  has  much  longer  focal  length  in  the  horizontal  plane  than  in  the  vertical 
plane.  The  feed  array  surface  passes  through  the  vertical  focal  point,  but  is  wide  in  the 
horizontal  plane  to  correct  azimuth  plane  phase  distortion  inherent  in  an  offset 
configuration.  To  check  a  particular  beam,  rays  were  traced  from  desired  wavefronts, 
reflected  off  the  reflector  about  the  normal  to  the  surface,  and  down  to  the  feed  array 
surface  (figures  2  and  3).  This  made  it  possible  to  choose  reflector  and  feed  geometries 
which  align  beams  into  rows  across  the  feed  surface,  and  isolates  the  beam  feeds  into 
independent  rows,  so  that  the  beam  feeds  were  separable.  The  optical  mapping 
ahowed  that  the  feed  array  had  to  increase  in  width  as  it  moved  further  off  the  vertical 
axis  to  control  the  illumination  across  the  reflector  (figure  4).  At  the  completion  of  the 
optical  analysis,  it  was  possible  to  begin  work  on  the  design  of  the  radiating  element, 
antenna  pattern  optimization,  and  the  mechanical  design  of  the  reflector  and  feed 
array. 

A  new  radiator  was  developed  for  the  array  which  feeds  intersecting  troughs. 
Each  trough  contains  an  array  of  probes  which  excite  the  trough  with  the  desired 
distribution.  Intersecting  horizontal  troughs  with  vertical  troughs  gives  the  desired 
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dual  polarization.  Dual  layer  horizontal  air  dielectric  stripline  manifolds  using 
Wilkinson  type  couplers  feed  elements  of  each  .polarization  separately.  Since  a  solid 
state  transmitter  with  relatively  low  peak  power  is  anticipated,  the  air  dielectric 
stripline  has  adequate' power  handling  capability.  The  benefit  of  this  configuration, 
with  dual  distribution  networks,  is  that  a  single  active  component  in  each  row,  a  switch, 
is  all  that  is  required  to  switch  from  linear  to  circular  polarization.  This  provides  a 
dramatic  improvement  in  reliability  and  maintainability. 

The  array  element  was  developed  in  a  methodical  fashion  using  a  combination 
of  computer  models,  along  with  laboratory  breadboards.  After  the  basic  concept  was 
developed,  a  finite  difference  computer  analysis  program  was  used  for  numerical 
modeling.  The  results  from  this  model  were  used  to  design  the  element  and  a  simulator 
was  built  in  which  the  element  was  tested  and  refined.  This  combination  of  techniques 
allowed  the  element  to  be  designed  and  matched  in  both  polarizations  over  a  range  of 
scan  angles  while  building  a  minimum  of  hardware.  The  results  were  later  borne  out 
when  the  element  performed  as  designed  in  pattern  test  with  no  further  tuning. 

The  pattern  optimization  of  the  array  fed  reflector  used  extensive  computer 
modeling  starting  with  feed  and  reflector  dimensions  from  the  optical  analysis.  The 
distribution  for  each  azimuth  row  was  optimized  individually  by  breaking  the  azimuth 
rows  into  symmetric  element  pairs  modeled  as  horns,  and  generating  individual 
azimuth  patterns  for  each  horn  pair.  The  element  pair  patterns  for  each  row  were  then 
used  to  optimize  the  azimuth  distribution  for  that  row.  The  elevation  patterns  were 
initially  computed  using  a  2-D  model  which  only  used  a  narrow  strip  along  the  center 
line  of  the  reflector.  When  the  results  of  this  model  were  sufficiently  close,  the  entire 
reflector  was  used  to  compute  the  predicted  pattern.  The  distributions  arrived  at  in 
this  manner  were  then  used  in  the  feed  array  design. 
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4.0  IMPLEMENTATION 

The  antenna  concept  called  for  a  total  of  23  azimuth. rows  to  achieve  elevation 
coverage  of  37  degrees  with  10  elevation  beams.  Due  to  limitations  of  resources,  only 
eight  of  the  23  feed  rows  were  built  to  prove  the  concept  (figure  5).  The  distributions 
from  the  pattern  optimization  were  developed  in-hardware  as  corporate  feed  networks 
made  of  air  dielectric  stripline.  This  medium  uses  numerically  controlled  machinery  to 
stamp  out  the  center  conductors  and  ground  planes  thus  lending  itself  to  good 
accuracy  and  excellent  repeatability  (figure  3).  The  circuits  were  each  breadboarded 
and  tested  through  one  iteration.  The  results  of  this  first  iteration  were  so  good  that  the 
minor  design  changes  were  incorporated  directly  into  the  feed  array  design  without 
another  iteration.  The  accuracy  of  the  azimuth  row  design  .was  demonstrated,  by 
primary  pattern  testing  the  feed  array.  Figure  7  shows  the  theoretical  pattern  overlaid 
on  the  measured  pattern,  and  they  are  so  close  that  the  two  are  indistinguishable  in  the 
main  beam  region,  which  is  the  region  of  interest  since  it  illuminates  the  reflector. 

The  implementation  of  switchable  linear/circuiar  polarization  required  that  the 
azimuth  rows  be  able  to  feed  the  horizontal  and  vertical  elements  independently,  and 
to  do  this  each  azimuth  row  was  made  up  of  two  layers  with  a  separate  stripline  power 
divider  in  each  polarization.  For  linear  polarization  one  of  the  dividers  was  fed  with  all 
the  power.  To  switch  to  circular  polarization,  both  dividers  are  fed  with  equal-power 
but  with  a  90  degree  phase  difference.  Tin's  will  be  implemented  with  a  switch,  however 
for  the  demonstration  antenna  a  -3dB  coupler  with  phase  trimmers  was  used. 

The  mechanical  design  of  the  reflector  incorporated  a  great  deal  of  up  front 
planning  between  manufacturing  and  engineering  to  design  a  structure  which  could  be 
manufactured  efficiently  and  accurately.  The  reflector  was  of  such  a  size  (42  feet  wide 
by  32.5  feet  high)  that  it  could  not  be  built  in  a  model  shop  environment.  The  reflector 
was  designed  in  horizontal  panels  approximately  6  feet  high  by  42  feet  long  to  provide 
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the  greatest  possible  control  of  the  contour  tolerances  in  the  azimuth  plane  since  the 
azimuth  patterns  require  the  lowest  sidelobes,  and  so  the  greatest  precision.  These 
panels  were  assembled  in  precision  fixtures,  assuring  the  highest  accuracy  within  a 
panel.  It  was  designed  to  be  fabricated  on  production  machinery  and  assembled  on 
production  fixturing  (figure  8).  CAD/CAM  techniques  were  used  throughout  with  the 
design  done  on  a  combination  of  IAG  and  mainframe  computers.  The  design  data  was 
transferred  directly  from  computer  file  to  NC  controllers  on  the  shop  floor  by  direct 
computer  to  computer  data  link.  Most  of  the  structure  is  made  of  sheet  metal,  punched 
on  a  Wiedematic  stamping  machine  which  controls  dimensional  tolerances  to  within 
.005  in.  The  demonstration  antenna  was  built  using  minimal  documentation  with  all 
the  hardware  being  fabricated  directly  from  computer  data  files  or  engineering 
sketches. 

5.0  RESULTS 

The  results  of  pattern  testing  the  array  fed  reflector  antenna  were  excellent  in 
that  all  of  the  original  performance  goals  were  achieved.  This  was  remarkable  in  that 
the  design  effort  represented  a  technology  advance  in  three  areas  simultaneously, 

(1)  novel  antenna  architecture  for  low  azimuth  sidelobes, 

(2)  new  dual  polarized  radiating  element,  and 

(3)  tight  contour  tolerance  on  a  large  lightweight  reflector. 

The  elevation  goal  was  to  demonstrate  multiple  elevation  beams  with 
moderately  low  sidelobes  (-25dB).  Measured  elevation  patterns  are  shown  in  figure  9 
for  receive  beams  2, 3,  and  5.  These  patterns  had  sidelobes  of  -28dB,  or  better.  The 
azimuth  sidelobe  goal  of-35dB  was  achieved  for  the  worst  case  peak  sidelobes  near  the 
main  beam  (figure  10).  The  far  out  sidelobes  were  much  better,  being  down  near  the 
-50dB  level.  One  remarkable  feature  of  this  antenna  is  the  absence  of  spillover 
sidelobes  where  energy  from  the  feed  spills  past  the  edge  of  the  reflector  to  give  a 
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relatively  high  sidelobe.  The  absence  of  these  sidelobes  is  attributed  to  the 
illumination  control  effected  by  the  feed  array. 

The  last  major  goal  was  to  demonstrate  circular  polarization.  The  method  of 
evaluating  circular  polarization  purity  was  to  determine  the  integrated  cancellation 
ratio  (ICR),  that  is,  the  ratio  of  power  received  by  the  circularly  polarized  antenna  to 
the  power  received  by  a  linearly  polarized  antenna  of  the  same  configuration  when  the 
antennas  are  completely  surrounded  by  randomly  .distributed  small  symmetrical 
targets  (raindrops)l .  An  ICR  measurement  of  18dB  would  have  been  considered  good 
with  anything  higher  being  better.  The  measured  ICR’s  on  the  array  fed  aperture  were 
generally  between  22  and  28dB  with  the  worst  one  being  21.2dB,  which  corresponds  to 
an  ellipticity  of  approximately  .75dB.  An  ICR  of  28dB  corresponds  to  an  ellipticity  of 
.34dB. 

6.0  CONCLUSION 

The  results  from  the  demonstration  antenna  prove  this  to  be  a  viable  antenna 
technology.  The  sidelobe  performance,  multiple  elevation  beam  performance,  and 
ICR  measurements  all  met  or  exceeded  the  goals  which  had  been  set.  Fabrication  of 
the  reflector  and  feed  array  in  a  manufacturing  environment  proved  that  the  required 
tolerances  can  be  met  on  a  production  basis.  The  reduction  and  simplification  of 
hardware  ensure  that  reliability  and  performance  are  maximized  while  cost  is 
minimized.  It  is  projected  that  the  array  fed  aperture  has  a  cost  advantage  of  up  to  2;1 
over  an  array  antenna  capable  of  achieving  the  same  performance. 
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Figure  1.  Antenna  Under  Test 


Figure  2.  Projections  From  Feed,  Off  Reflector,  to  Plane 
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Figure  5.  Polarization  Diverse  Feed  Array 


Figure  6.  Air  Dielectric  Stripline  Azimuth  Manifold 
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Figure  10.  Measured  Azimuth  Pattern  Expanded 
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Segmented  Mirror  Antenna 
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A  Segmented  Mirror  Antenna  for  Radiometers* 


S.W.Lee,  B.  Houshmand,  M.  Zimmerman  and  R.  Acosta** 

Abstract 

The  present  antenna  is  designed  for  the  radiometer  application  on  the  planned  NASA 
Earth  Science  Geostationary  Platforms  in  the  1990’s.  The  antenna  consists  of  two  parts:  a 
regular  parabolic  dish  of  5  meters  in  diameter  which  converts  the  radiation  from  feeds  into  a 
collimated  beam,  and  a  movable  mirror  that  redirects  the  beam  to  a  prescribed  scan 
direction.  The  mirror  is  composed  of  28  segmented  planar  conducting  plates,  mostly  one 
square  meter  in  size.  Based  on  a  physical  optics  analysis,  we  have  analyzed  the  secondary 
pattern  of  the  antenna.  For  frequencies  between  50  and  230  GHz,  and  for  a  scan  range  of 
±8°  (270  beamwidths  scan  at  230  GHz),  the  worst  calculated  beam  efficiency  is  95%.  To 

i  > 

cover  such  a  wide  frequency  and  scan  range,  each  of  the  28  plates  is  individually  controlled 
for  a  tilting  less  than  4°,  and  for  a  sliding  less  than  0.5  cm.The  sliding  is  done  at  discrete 
steps.  At  230  GHz,  a  step  size  of  2  mil  is  sufficient.  The  plate  positions  must  be  reset  for 
each  frequency  and  for  each  scan  direction.  Once  the  position  is  set,  the  frequency 
bandwidth  of  the  antenna  is  very  narrow. 


*This  work  is  supported  by  NASA  grant  NAG  3-419. 

**The  first  three  authors  are  with  the  Electrical  and  Computer  Engineering  Department, 
University  of  Illinois,  Urbana,  IL,  61801;  Acosta  is  with  NASA  Lewis  Research  Center, 
Cleveland,  OH,  44135. 
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'  I.  Introduction 


A  key  instrument  on  the  proposed  NASA  Earth  Science  Geostationary  Platforms 
(ESGP)  is  a  large  radiometer  antenna  for  atmospheric  sounding.  Even  in  its  "near  term" 
version,  the  antenna  has  unprecedented  stringent  requirements  [1],  namely, 

i)  There  are  4  to  6  operating  frequency  bands  between  50  to  230  GHz. 

ii)  The  antenna  diameter  is  about  5  meter  ( 833  X  to  3,833  X) 

iii)  The  beam  is  to  scan  ±8°  for  the  earth-coverage  in  both  azimuthal  and  elevation 
planes,  corresponding  to  roughly  ±60  to  270  beamwidth  scan. 

iii)  The  beam  efficiency,  defined  by  the  fractional  power  in  the  main  beam  should 
exceed  95%. 

The  above  requirements  immediately  rule  out  several  antenna  candidates: 

i)  Currently  space-qualified  phase  shifters  are  not  available  for  frequency  higher 
than  20-40  GHz.  Even  in  the  next  ten  years,  any  beam  forming  scheme  relying 
on  phase  shifter  is  risky. 

ii)  The  5:1  band  makes  it  impractical  te  use  arrays  with  discrete  radiating 
elements. 

iii)  Conventional  reflector  scan  is  achieved  by  feed  displacement  [2.3].  Such  a 
scan  normally  has  a  range  of  tens  of  beamwidth,  which  is  one  order  of 
magnitude  short  of  the  requirement.  The  use  of  cluster  feed  [3,4]  for  scan 
compensation  again  depends  on  the  availability  of  phase  shifters.  Furthermore, 
the  degree  of  compensation  is  generally  not  good  enough  to  produce  95% 
beam  efficiency . 

We  are  left  with  few  alternatives,  one  of  which  is  the  mechanically  scanned  reflector 

antenna.  After  all,  such  an  antenna  has  been  the  overwhelming  choice  of  existing 

radiometers  [5].  In  the  ESGP  application,  however,  there  is  one  problem.  As  a  whole, the 

5-meter  antenna  is  too  large  to  be  moved  on  a  geostationary  satellite.  If  we  are  able  to 

124 


2 


segment  the  reflector  surface  into  smaller  pieces,  the  scan  motion  may  be  more 
manageable.  This  is  the  motivation  behind  our  study  of  a  segmented  mirror  antenna. 

The  original  mirror  antenna  concept  [6-8]  can  be  simply  explained  below.  As 
sketched  in  Figure  l,the  antenna  consists  two  parts:  a  regular  parabolic  dish  which  converts 
a  spherical  wave  into  a  plane  wave,  and  a  tilting  mirror  whose  motion  redirects  the  plane 
wave  into  a  desired  scan  direction.  The  advantages  of  the  mirror  antenna  are  as  follows: 

i)  The  antenna  main  beam  is  always  collimated  (no  aperture  phase  error)  for  all 
scan  angles,  and  for  all  frequencies. 

(ii)  The  mirror  is  tilted  at  an  angle  0  to  obtain  a  29  beam  scan.  The  factor  of  2  aids 
in  mechanical  motion. 

Its  disadvantage  is  that ,  in  addition  to  the  regular  parabolic  dish,  the  extra  mirror  is  just  as 
large  as  or  larger  than  the  dish.Tilting  the  mirror  is  not  any  easier  than  tilting  the  dish. 
Hence  the  mirror  antenna  in  its  original  form  is  not  suitable  for  the  ESPG  application.  We 
propose  to  segment  the  mirror  into  28  pieces,  and  move  each  piece  is  individually.  By  so 
doing,  we  gain  in  some  mechanical  aspects,  but  wc  lose  in  other  mechanical  as  well  as 
some  electrical  aspects.  Does  the  trade-off  pay  ?  We  shall  examine  this  question  from  an 
electrical  viewpoint,  namely,  to  what  extent  does  the  antenna  radiation  characteristics 
deteriorate  because  of  the  use  of  28  small  plates  instead  of  a  one-piece  mirror  .The 
mechanical  question  of  controlling  the  motion  of  the  plates  is  not  addressed  here. 
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II.  Mirror  Antenna 

The  mirror  antenna  can  by  symmetrical  [8],  or  offset.  In  the  present  application,  it 
must  be  offset  because  of  the  multiple  frequency  band  requirement.  An  offset  mirror 
antenna  is  sketched  in  Figure  1.  A  regular  parabolic  reflector  is  to  convert  the  incoming 
spherical  wave  from  its  feed  into  a  plane  wave  going  in  the  (-y)  direction.  A  45°- mirror  at 
position  A  redirects  the  plane  wave  to  the  +z  direction,  which  in  the  far  field  produces  the 
on-axis  main  beam.  To  scan  the  beam  to  a  new  direction  (90,  <{>o),  the  mirror  is  tilted  to  a 

A  A 

new  position  B  such  that  the  unit  normal  of  surface  A,  denoted  by  z45,  moves  to  n.  Here 

A  A  A  A 

n  =  xn1  +  yn2  +  zn3  (2.1) 


where 


u0  / 1  +  v0’  w0 

n'=2^  •  a2-yJ~r~  •n3-j5i 

u0  =  sin  0O  cos  <j>o  ,  v0  =  sin  0O  sin  <j»0  ,  w0  =  cos  0O 

A  A 

There  are  different  ways  that  z45  can  be  tilted  into  n.  We  choose  the  one  sketched  in  Figure 

A  A 

2,  namely,  z43  rotates  about  the  y45  axis  by  an  azimuthal  angle  AZ,  and  then  moves  up  by 
an  elevation  angle  EL,  where 


AZ  =  tan-1 
EL  =  sin-1 


,n2  +  n3J 
_^in2-n3)] 


(2.2a) 

(2.2b) 


Several  remarks  on  the  mirror  antenna  are  in  order. 

(1)  When  the  mirror  is  at  the  no-scan  position  A,  the  footprint  of  the  incoming  plane 

wave  is  an  ellipse  with  semi-axes  (a,  V2  a),  as  shown  in  Figure  3.  Normally,  one  may 
choose  the  mirror  slightly  oversized  to  avoid  spillover  loss  at  scanning. 
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(2)  Apart  from  the  possible  spillover  loss  mentioned  above,  there  is  no  scan  loss 
due  to  phase  error. 

(3)  Both  the  parabolic  reflector  and  the  mirror  work  for  all  frequencies.  Hence,  the 
limiting  factor  for  the  frequency  bandwidth  is  that  of  the  feed.  For  widely  separated 
frequency  bands,  we  may  use  frequency  selective  surfaces  as  multiplexier  to  circumvent  the 
feed  bandwidth  problem.  An  example  is  sketched  in  Figure  4. 

(4)  To  scan  the  main  beam  by  a  polar  angle  0O  from  the  z-axis,  the  mirror  tilts  about 
0q/2.  For  the  ESPG  application,  a  typical  dish  diameter  is  5  meter.  When  the  beam  scans 
±8°  in  elevation,  the  linear  motion  of  the  mirror  edges  is 

(±4°)  x  x  VT  a  =  ±25  cm  (2.3) 

At  the  intended  scan  rate  for  the  radiometer,  the  motion  distance  in  (2.3)  is  too  large  to  be 
acceptable  for  a  satellite  antenna. 
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IH.  Segmented  Mirror 

The  motion  of  a  large  (one-piece)  mirror  presents  mechanical  problems.  To 
circumvent  this  difficulty,  we  propose  a  segmented  mirror,  which  is  made  of  smaller  flat 
plates.  Each  plate  can  be  individually  controlled  for  tilting  and  sliding  motions.  The 
segmentation  can  be  done  in  different  ways.  An  example  is  shown  in  Figure  4,  where  28 
rectangular  plates  are  used.  Other  plate  shapes  such  as  triangles  or  hexagons  may  be  just  as 
useful.  We  choose  the  rectangles  for  simple  analysis  ( an  extension  to  hexagons  are  being 
carried  out ). 

Scanning  with  the  plate  mirror  is  achieved  in  the  manner  described  below.  At  the 
no-scan  position,  all  the  plates  are  aligned  on  the  45°  plane  (Figure  5).  To  scan  the  beam  to 
the  direction 

A  A  A  A 

kr  =  xu<)  +  y  v0  +  zw0  (3.1) 

Each  plate  is  undergone  two  motions: 

(1)  The  plate  is  tilted  to  the  common  direction  n  in  (2. 1)  in  the  manner  sketched  in 
Figure  2. 

(2)  Along  the  normal  direction  to  the  45°  plane,  a  typical  plate  is  slid  by  a  distance 
A  from  its  old  center  position,  described  by 

rj  =  x  xl  +  y  yj  +  z  (-y^  (3.2) 

to  a  new  center  position  described  by 

r2  =  x  Xl  +  y  ^yi  +  ~  j  +  z  {~yi  +  ~  j  (3.3) 

The  sign  of  A  is  positive  if  point  2  is  in  front  of  point  1. 
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The  sliding  distance  A  is  determined  by  the  condition  that  all  the  reflected  rays  from  plates 
must  be  collimated  in  the  direction  icf .  Referring  to  Figure  5,  we  note  that  the  difference  in 
path  length  between  ray  32  and  a  reference  ray  04  is  given  by 


5  =  32  -  04  =  (-y2)  -  r2  *  kr 


=  (-l) 


1 


u0 X!  +  (1  +  v0  -  w0)  yj  +  (1  +  v0+  w0)  A 


(3.4) 


Set  the  path  difference  to  zero,  and  the  solution  of  A  from  (3.4)  is 


A  ^ 

opt**!'  l+V0  +  Wo 


[uoXi  +  d  +  vo-wo)  yd 


(3.5) 


The  subscript  "optical"  signifies  the  fact  that,  when  (3.5)  is  satisfied,  rays  are  collimated  in 
the  icr  direction  for  all  frequencies.  It  is  a  simple  matter  to  show  that  by  sliding  a  distance 
^optical’  P°!nt  *  is  moved  to  point  5,  which  is  on  the  plane  BB'.  Then  the  plate  mirror 
becomes  the  one-piece  mirror  sketched  in  Figure  1,  which,  of  course,  is  not  the  case  of 
interest. 

Now,  for  a  fixed  frequency,  we  may  set  8  in  (3.4)  to  a  multiple  of  wavelengths, 
and  still  maintain  the  perfect  beam  collimation.  Thus,  alternative  solutions  of  A  are 

_V2 

A  =  'i+  V'Q"+  Wq  [uo  xt  +  (1  +  v0  —  wo)  y{  +  m  M  (3.6) 

where  m  =  0,  ±1,  ±2, _ We  choose  m  to  obtain  a  minimum  IAI. 

Let  us  summarize  our  results.  Point  1  at  (Xj,  yj,  z  =  -yj)  is  the  center  point  on  a 

plate  lying  on  the  45°  plane  (Figure  5).  In  order  to  scan  the  beam  in  the  direction  of  ic  r  in 

(3.1).  The  plate  must  be  tilted  to  the  new  direction  n  in  (2.1),  and  slided  by  a  distance  A  in 

✓ 

(3.6).  Then  the  reflection  from  the  plate  produces  a  perfectly  collimated  beam  in  direction 

£r 
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The  use  of  A  in  (3.6),  instead  of  that  in  (3.5),  allows  us  to  slide  each  plate  by  a 
very  small  distance.  As  a  consequence,  the  mechanical  problem  of  one-piece  mirror  is 
circumvented.  The  price  that  we  paid,  of  course,  is  that  the  mirror  works  only  for  a  given 
frequency.  For  wide  band  applications,  we  must  slide  each  plate  to  a  new  position  for  each 
new  frequency  in  a  time  sharing  manner. 

The  linear  motion  of  the  plate  edge  due  to  tilting  is  also  reduced  because  the  plate 
size  is  smaller.  For  the  28-plate-mirror  in  Figure  4,  the  largest  plate  has  a  dimension  of 
0.2a  instead  of  a.  Consequently,  the  maximum  linear  motion  is  reduced  by  a  factor  of  5 
(i.e.,  5  cm  instead  of  25  cm;  described  in  (2.3)). 

Let  us  consider  the  possible  phase  error  over  the  antenna  aperture  (or  individual 
plate)  due  to  scan.  If  a  plate  is  slid  by  the  Aoptical  in  (3.5),  there  is  no  phase  error.  In 
order  to  reduce  the  distance  of  sliding,  we  use  A  in  (3.6)  instead.  As  long  as  there  is  only  a 
fixed  frequency,  there  is  still  no  phase  error.  The  range  of  A  is  within  iA^,  where 


<2X 


2Amax  ~  ,  _  |  .  _  | 

1  +  cos  0O  -  I  sm  0O I 


(3.7) 


The  above  sliding  range  is  plotted  as  a  function  of  frequency  and  scan  angle  in  Figure  7. 
For  scan  up  to  ±8°  at  50  GHz,  the  range  is  0.46  cm,  or  180  mils.  Mechanically,  it  is 
desirable  to  have  discrete,  instead  of  continuous  sliding.  Analogous  to  the  term  used  on 
phase  shifters,  an  N-bit  sliding  has  2N  steps  in  the  range  given  in  (3.7).  Commonly,  a  4- 
bit  sliding  (16  steps)  is  adequate.  For  a  fixed  sliding  step  d,  the  maximum  possible  phase 
error  is  given  by 


Max.  phase  error  = 


1  +  cos  0O  + 


(3.8) 


which  is  plotted  in  Figure  8.  To  avoid  high  sidelobes,  the  phase  error  is  usually  kept  within 
1 1°  ( corresponding  to  a  4-bit  phase  shifter).  For  scan  up  to  ±8°  at  230  Ghz,  the  sliding  step 
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should  not  exceed  2.4  mils. We  choose  2  mils  a  step  in  our  later  calculations.  In  summary, 
phase  error  for  the  present  antenna  arises  from 

(i)  operation  at  a  frequency  which  deviates  from  the  designed  frequency 

(ii)  sliding  of  the  plates  is  discrete  at  a  predetermined  step  instead  of  continuous. 

In  Section  V,  we  shall  examine  the  effect  on  antenna  patterns  due  to  the  phase  error. 


A  remark  on  segmentation  is  in  order.  Segmentation  of  a  large  antenna  into  smaller 
pieces  has  been  known  and  practiced  for  a  long  time[9,10].  If  a  doubly  curved  reflector  is 
segmented  into  flat  plates,  phase  error  is  present  with  or  without  scan.  A  high  beam 
efficiency  antenna  can  not  be  achieved  in  such  a  way.  Our  segmentation  does  not  have  this 
phase  error  problem  at  all,  because  our  reflector  (mirror)  is  flat  to  begin  with.  This  price  we 
paid  of  course  is  to  have  an  extra  parabolic  dish. 
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IV.  Anicaua  Secondary  Pattern  Computation 

To  calculate  the  antenna  secondary  pattern,  we  apply  the  standard  physical  optics 
(PO)  theory  by  integrating  the  induced  PO  current  on  all  plates.  To  this  end,  it  is 
convenient  to  introduce  the  local  plate  coordinate  for  each  plate  (Figure  6).  The  center  of 
the  plate  coordinate  is  at  point  2,  which  is  described  in  (3.3).  The  base  vectors  of  the  plate 

A  f  A  |  A  «  A 

coordinates  are  (x  45,  y  45,  z  45  =  n).  By  choosing  the  tilting  motion  described  in  Figure  2, 
we  find 

■  A  ,  * 

*45 
+*  « 

y  4s 

_z45. 

where  matrix  T  has  elements 


(s3  +  S2) 

”  sl  ’  *12  *  ^ 

(S3-S2) 

,,,3~  <1 

(s6  +  S3) 

t2i-S4  •  *22 =  ^ 

(s6  “  s5) 

'  t°" 

(S9  +  Sg) 

l3l  ~  s7  *  t32  = 

(S9  -  Sg) 

,t33~  -a 

S!  =  cos(AZ)  ,  $2  =  0 

,  S3  =  -sin  (AZ) 

s4  =  -sin  (EL)  sin  (AZ)  ,  s5  =  cos  (EL) 

,  s6  =  -sin  (EL)  cos  (AZ) 

s7  =  cos  (EL)  sin  (AZ)  ,  s8  =  sin(EL) 

,  S9  =  cos  (EL)  cos  (AZ) 

(AZ,  EL)  given  in  (2.2) 


Before  tilting  and  sliding,  let  a  typical  point  on  the  plate  be  denoted  by  a  in  Figure  7,  and  is 
described  by  a  position  vector  in  the  main  coordinate 
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r4  =  xx,  +  y  y,  +  zz,  (4.2) 

After  tilting  and  sliding,  the  same  point  on  the  plate  is  now  located  at  position  b  described 
by 

"4  AAA 

rb  =  x  xb  +  y  yb  +  z  zb  (4.3) 

It  can  be  shown  that 

"xbl  IX-Xi]  X* 

yb  =Tt  y.-yj  +  (ya  +  A)/V2  (4.4) 

,zbJ  L  0  J  [(-yt  +  A)/V2 

Here  (xJf  y1?  0)  is  the  coordinator  of  center  point  1.  Matrix  T  is  given  in  (4.1),  and  the 
subscript  T  is  the  transpose  operator. 

,  In  the  present  pattern  computation,  we  ignore  part  of  the  beam  waveguide  analysis. 
The  feed  is  simply  modelled  by  a  point  source  located  at  the  total  point  F  of  the  parabolic 
reflector  (Figure  1).  The  patterns  in  the  E-plane,  and  H-plane  are,  respectively, 

(cos  0f)QE ,  and  (cos  0f)^H  (4.5) 

when  0f  is  the  polar  angle  in  the  feed  coordinates.  It  is  known  that  (4.5)  is  a  good 
approximation  for  common  scalar  feed  horns  used  in  radiometer  applications.  We  trace  the 
geometrical  optic  rays  from  the  feed  through  the  parabolic  reflector,  and  then  to  a  typical 
plate,  which  has  been  tilted  and  slid  to  the  correct  position  for  scanning.  According  to  PO, 
the  induced  current  on  the  plate  is 

J^nxH1  (4.6) 

Next,  we  integrate  the  above  current  over  all  plates  to  calculate  the  antenna  secondary 
pattern.  In  this  step,  results  in  (4.1)  and  (4.4)  are  used. 
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In  the  radiometer  application,  the  important  parameter  is  the  beam  efficiency  e. 
Consider  the  antenna  in  transmitting  raode(Figure  1),  e  is  defined  by 


(4.7a) 


where 


Pfeed  =  tota*  P°wer  radiated  from  the  feed  (4.7b) 

Pbeam  =  P°wer  ^e  reference  polarization  in  the  main  beam  (4.7c) 


The  extent  of  the '  main  beam'  has  been  customarily  defined  as  [4,  p22-27]: 


i)  the  null  to  null  beamwiths,  or 

ii)  "the  2.5  times  half-power  beamwidth". 

Definition  ii)  is  particularly  useful  in  measured  patterns  where  the  null  may  not  be  easily 
identifiable.  In  this  paper,  we  use  definition  i). 

For  a  beam  on  the  boresight  of  the  antenna  (0q  =  0°  in  Figure  1),  the  pattern  is 

azimuthally  symmetrical,  and  there  is  no  ambiguity  in  applying  (4.7).  Let  us  denote  the 
half  null-to-null  beamwidth  by  0nuU.  However,  as  the  beam  scans  to  a  new  direction  (0O, 
<)>0),  the  symmetry  is  lost,  and  the  null-to-null  width  varies  in  different  pattern  cuts.  Then, 
instead  of  using  (4.7c),  we  define 

Pbeam  =  P°wcr  within  a  cone  around  the  main  beam  direction  (9q,  <{>0),  (4.8) 

with  the  half  cone  angle  equal  to  0nuU  obtained  in  the  no-scan  case 


The  present  pattern  computation  is  based  on  PO  described  in  (4.6).  It  is  known  that  power 
conservation  does  not  hold  within  the  PO  theory.  In  other  words,  if  one  integrates  the 
antenna  secondary  pattern  over  the  4tc  radian  space,  the  resultant  power  does  not  in  gerenal 
equal  to  the  incident  power  interceped  by  the  reflector.  For  this  reason,  one  has  to  be 
careful  in  calculating  the  beam  efficiency. 
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For  the  reason  just  explained,  a  direct  evaluation  of  (4.7a)  for  scanned  cases  often 
leads  to  inaccurate  results.  We  use  an  indirect  evalution ,  namely, 

e  =  espill*emiss*eblock*epat 
where  (Figure  1) 

espill  =  fractional  of  the  incident  feed  power  intercepted  by  the  parbolic  dish 
(counting  the  spilloever  loss). 

emiss  as  fractional  of  the  incident  power  from  the  parabolic  dish  intercepted  the 
elliptcal  mirror  (counting  the  incident  power  missing  the  mirror). 

ebkx:k  =  fractional  of  the  power  received  by  the  minor  but  not  blocked  by  the 
feed  (counting  the  power  blocked  by  the  feed). 

e^  =  fractional  of  power  in  the  secondary  pattern  confined  in  the  main 
beam. 

Ideally,  epat  should  be  the  ratio  of  the  p^^  in  (4.8)  and  p^,  which  is  the  total  radiated 
power  in  the  secondary  pattern  in  the  4it  radian  space.  Unfortunately,  ppat  cannot  be 
readily  calculated.  The  reasons  are  as  follows: 

(i)  Any  PO-based  pattern  computation  method  gives  accurate  pattern  result  only  in 
the  angular  region  near  the  main  beam.  Means  for  calculating  far-out  lobes 
exist,  such  as  adding  fringe  currents,  using  edge  diffraction,  etc.  Their 
implementation  is  difficult,  and  may  not  be  worthwhile. 

(ii)  In  practical  antennas,  far-out  lobes  are  mostly  affected  by  supporting  struts, 
and  near-by  structures.  Patterns  calculated  from  models  do  not  include  those 
factors  and  are  not  realistic. 
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(iii)  For  radiometers,  far-out  lobes  usually  point  to  a  cold  environment  Whether 
their  power  is  included  in  p^  is  often  not  critical. 

In  the  present  analysis,  we  approximate  p^  by  p^  (approx),  where 

Pp^  (approx)  =  power  within  a  cone  around  the  main  beam  direction  (0q,  <{>q),  with 
the  half  cone  angle  equal  to  10*  0nuI1,  instead  of  the  4rc  radian 
space. 

As  explained  earlier,  0nuU  is  the  half  null-to-null  beamwidth  in  the  no-scan  case. 
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V. '  Numerical  Results 

For  numerical  results,,  we  consider  the  ESPG  radiometer  antenna  specified  in 
Section  I.  The  parameters  of  the  antenna  are  chosen  as  follows  (Figure  1): 

a  =  parabolic  dish  diameter  =  5m 
f = focal  length  of  the  dish  =  2  m,  which  makes  f  /  D  =  0.4 
d  =  discrete  sliding  step  size  of  the  mirror  =  2  mils 

QE  =  QH  =  feed  pattern  index  defined  in  (4.5)  =  2.0,  which  results  in  17  dB  edge 
taper  in  the  reflector  aperture. 

Polarization  is  horizontal  (Ex  in  the  mirror  aperture) 

Results  arc  summaried  below. 

i)  Boresight  patterns.  For  the  no-scan  case,  the  patterns  for  the  lowest  and  the 
highest  frequencies  are  plotted  in  Figures  9  and  10.  Even  with  discrete  sliding,  there  is  no 
phase  error  in  the  mirror  aperture.  Hence,  the  pattern  is  smooth  and  sharp  nulls.  Sidelobes 
are  lower  than  -30  dB. 

ii)  Scanned  Patterns.  When  the  beam  scans,  effects  of  both  mirror  segmentation 
and  the  sliding  discretization  come  in.  The  worst  case  occurs  at  the  highest  frequency  and 
the  extreme  scan  angle.  Patterns  are  shown  in  Figures  1 1  and  12.  The  sidelobe  level  is  at 
24  dB.  In  the  <}>q  =  90°  scan  (downward  scan),  the  pattern  is  characterized  by  grating  lobe 

effect  due  to  the  segmentation,  i.e.  lobes  at  0  =  7.91°,  8.09°,  etc.  The  2-mil  step  raises  the 
near-in  sidelobes  and  fills  in  the  nulls  as  expected. 

iii)  Beamwidth  and  Null  Position.  For  the  boresight  beam,  the  results  are 
shown  in  Figure  13.  Those  calculated  results  fit  approximately  the  following  formula: 

3  dB  Beamwidth  *  105°  X  /  D  (5.1) 

Null  to  Null  Beamwidth  »  148°  X  /  D  (5.2) 


It  follows  that 
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Null  to  Null  Beamwidth  *  K  *  (3  dB  Bcamwidth)  (5.3) 

where  K=  1.4.  These  formulas  are  valid  for  the  present  -17  dB  edge  taper,  which  is  typical 
for  radiometer  antennas.  The  usual  definition  of "  2.5  times  half-power  beamwidth  "  [4] 
forthe  approximated  null  to  null  beamwidth  appears  to  mean  K=  2.5  / 2  =  1.25. 

iv)  Power  Distribution.  Around  the  main  beam,  a  cone  is  defined.  The 
percentage  of  total  radiated  power  from  the  feed  within  the  cone  is  plotted  in  Figures  14  and 
15  for  two  230  GHz  cases.  The  losses  attributed  to  spillover,  feed  blockage,  and  possible 
missing  of  the  mirror  is  less  than  2%  of  power.  The  rest  of  power  is  mostly  confined  in 
the  main  beam,  even  for  the  8°  scan  case. 

v)  Beam  Efficiency.  We  plot  beam  efficiency  as  a  function  of  scan  angle  in  the 
diagonal  plane  (  4»o  =  45°  ).  Except  for  the  boresight  beam,  the  efficiency  in  an  average 

sense  increases  with  the  decreasing  sliding  step  size  and  therefore  the  aperture  phase  error. 
The  phase  error  is  of  the  bit  or  miss'  nature,  which  explains  the  uneven  variation  of  the 
curves.  At  230  GHz,  the  95%  efficiency  can  be  met  with  a  2  mil  step  size,  which  is  1/26  of 
wavelength.  At  50  GHz,  the  same  is  met  with  a  10  mil  step  ( 1/  24  wavelength). 

vi)  Frequency  Bandwidth  Without  Resetting  Mirror  Positions.Once  the 
mirror  position  is  set  for  a  center  frequency,  the  antenna  has  a  very  narrow  bandwidth. 
This  is  due  to  the  fact  that  segmentation  destroys  the  equal-path-length  condition.  In  Figure 
18,  we  show  a  4°  scanned  pattern  under  the  condition  that  the  mirror  is  set  for  230  GHz, 
but  the  antenna  is  operated  at  227  GHz.  The  beam  is  shifted  by  about  2  beamwidths.  The 
directivity  is  lowered  by  3  dB,  and  sidelobe  is  increased  significantly.  In  Figures  19  and 
20,  we  show  the  beam  efficiency  for  a  band  of  operating  frequency.  The  center 
frequencies  are  50  and  230  GHz,  respectively.  The  rapid  degradation  in  efficiency  is  due 
to  shift  in  the  main  beam  away  from  the  the  cone  defined  around  the  desired  scan  angle. 
The  95%  beam  efficiency  can  be  maintained  for  ±0.4  GHz  at  4°  scan,  and  for  ±0.2  GHz  at 
8°  scan. 
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VI.  Conclusion 


The  radiation  pattern  of  a  segmented  mirror  antenna  has  been  analyzed  by  a  PO 
theory.  The  antenna  is  capable  of  maintaining  95%  beam  efficiency  over  the  a  wide 
frequency  and  scan  range.The  scan  is  achieved  by  tilting  and  sliding  the  mirror  within  a 
very  small  range.  As  far  as  the  electric  performance  is  concerned,  the  antenna  appears  to  be 
a  viable  candidate  for  the  ESGP. 

The  possible  'show  stopper'  may  come  from  the  required  precision  control  of  the 
segmented  mirror.  Specifically,  in  a  space  environment, 

i)  can  the  mirror  be  moved  in  an  increment  of  0.01°  tilting  for  one  beamwidth 

,  V 

scan,  and  2  mil  sliding  for  a  maximum  11°  phase  error  ? 

ii)  can  the  above  motion  be  done  fast  enough  to  meet  the  required  scan  rate? 

These  questions  remain  to  be  answered1. 

Other  than  ESPG,  the  segmented  mirror  antenna  is  a  useful  antenna  in  its  own  right. 
1 1 

Especially  when  the  operating  frequency  is  not  as  high  as  230  GHz,  the  mechanical 
precision  problem  is  eased. 

Acknowledgement:  Valuable  discussions  with  Dr.  J.  Shiue,  Mr.  K.  Moeller,  Dr. 
A.  J.  Gasiewski,  Dr.  C.  Raquet,  and  Dr.  C.  Rogers  are  appreciated. 


According  to  Dr.  Craig  Rogers  of  Virginia  Polytechnic  Institute  and  State  University,  requirement  i) 
appears  to  be  feasible. 
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Figure  1.  A  conventional  mirror  antenna.  The  mirror  plate  is  normally  at 
position  A  to  produce  an  on-axis  beam  (0o  =  0),  and  is  tilted 

about  point  0  for  beam  scanning. 
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Figure  4. 


Multiple  feeds  for  different  frequency  bands  can  be  arranged 
with  beam  waveguides,  and  frequency  selective  surfaces. 


146 


Sliding  distance 


common  direction 


a 


1 


A 

y 


Figure  6.  Main  coordinate  with  base  vectors  (x,  y,  z)  centered  at  0. 

For  plate  2  at  its  new  position,  we  introduce  the  local  plate 
coordinate  with  base  vector  (&  45,  y45’  ,  z4  j  =  n). 
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Figure  7.  Sliding  range  as  a  function  of  scan  angle  calculated  from 
Equation  (3.7) 
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Figure  8.  Maximum  phase  error  in  the  mirror  aperture  due  to  the 
discretization  of  sliding. 
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Figure  9.  Secondary  pattern  of  the  segmented  mirror  antenna  in  the  no¬ 
scan  case.  F  =  50GHz.  Phi  =  0°  is  the  E-plane. 
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Figure  11.  Secondary  pattern  of  the  segmented  mirror  antenna  when  the 
beam  scans  to  (80  =  8°,  <J>0  *  45°).  Mirror  plates  sliding  is  either 

continuous  or  at  2-mil  a  step. 
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Figure  13. 


Beamwidth  and  the  first  null  position  for  the  boresight  beam 

(<j>0  =  0°). 
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Figure  14.  Percentage  of  power  in  a  cone  around  the  main  beam 
normalized  by  the  total  power  radiated  from  the  feed. 
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Figure  15.  Same  as  Figure  14  except  the  beam  is  at  (9q  =  8 
sliding  step  size  is  2  mils. 
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Figure  16.  Beam  efficiency  as  a  function  of  scan  angle  in  the  diagonal 
plane  for  different  sliding  step  sizes.  F  =  50  GHz.  Because  the 
phase  error  due  to  discrete  sliding  is  of  'hit  and  miss'  nature, 
the  curves  are  not  monotonic. 


158 


Scan  Theta  (deg) 


Figure  17.  Same  as  Figure  16  except  F  =  230  GHz. 
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Figure  18.  In  the  diagonal  plane,  4°  scanned  secondary  patterns  at  the 
central  frequency  230  GHz,  and  at  a  nearby  frequency  227 
GHz.  The  mirror  position  is  set  for  the  central  frequency. 


Figure  19.  Beam  efficiency  of  the  segmented  mirror  antenna  as  a  function 
of  frequency.  The  plate  position  is  set  for  F  =  50  GHz. 


161 


Frequency  (GHz) 


Figure  20.  Same  as  Figure  19  except  F  =  230  GHz. 
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ABSTRACT 

An  arcjet  thruster  is  an  electrothermal  propulsion  device  which  heats  a 
nitrogen-hydrogen  mixture  by  means  of  a  high  temperature  arc  discharge.  This 
device  is  an  attractive  candidate  for  auxiliary  propulsion  applications  on  satellites. 
One  important  issue  which  arises  in  the  actual  spacecraft  integration  of  this 
technology  is  the  environmental  contamination  caused  by  the  arcjet  plume, 
especially  on  microwave  communication  systems.  In  this  study,  the  effect  of  an 
arcjet  plume  on  the  performance  of  on-board  reflector  antennas  is  addressed.  The 
arcjet  plume  is  modeled  as  a  weakly  ionized  plasma.  Spatial  permittivity 
distribution  of  the  plume  is  approximated  based  on  the  cold  plasma  model  and  the 
available  measurement  data  of  the  electron  density  profile.  Geometrical  optics  is 
applied  to  determine  the  ray  path  as  well  as  the  transm?  ted  field  strength  through  the 
inhomogeneous  plume.  The  far  field  performance  degradation  of  the  reflector  in  the 
presence  of  the  plume  is  calculated  for  simple  two-dimensional  geometries.  As  the 
electron  density  increases  (corresponding  to  higher  arcjet  power),  a  gradual 
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degradation  of  the  main  beam  in  terms  of  both  gain  loss  and  beam  broadening  is 
observed.  In  addition,  significant  beam  squinting  can  occur. 

1.  INTRODUCTION  ^ 

The  use  of  electric  propulsion  for  stationkeeping  and  attitude  control  could 
potentially  extend  the  lifetime  of  modem  communication  satellites  up  to  ten  years. 
This  represents  cost  savings  in  the  tens  of  millions  of  dollars.  An  arcjet  thruster  is 
one  such  electrothermal  propulsion  device  which  heats  a  nitrogen-hydrogen  mixture 
by  means  of  a  high  temperature  arc  discharge.  The  heated  propellant  is  then  ejected 
through  a  nozzle  to  produce  thrust  Current  research  indicates  that  specific  impulse 
levels  above  400  sec  are  attainable^,  making  arcjets  a  very  attractive  candidate. 
NASA  and  the  Air  Force  are  currently  developing  arcjet  systems,  with  initial  flight 
testing  to  begin  in  approximately  5  years. 

For  this  technology  to  be  accepted  by  the  communication  satellite  industry,  it 
is  necessary  to  demonstrate  an  acceptable  level  of  signal  degradation  to  and  from  the 
spacecraft.  The  arcjet  produces  a  weakly  ionized  plasma,  which  modifies  the  frce- 
space  dielectric  normally  surrounding  the  satellite.  This  causes  both  refraction  and 
attenuation  of  the  microwave  signals.  In  this  paper,  the  effect  of  an  arcjet  plume  on 
the  performance  of  on-board  reflector  antennas  is  studied  (Fig.  1).  The  arcjet 
plume  is  modeled  as  an  inhomogeneous  scatterer  with  a  smoothly  varying  refractive 
index.  The  spatial  distribution  of  the  refractive  index  is  related  to  the  measured 
electron  density  data  based  on  the  cold  plasma  model.  Since  the  plume  size  of 
interest  is  more  than  several  wavelengths  in  extent,  geometrical  optics  is  used  to 
calculate  the  microwave  propagation  through  the  plume.  The  trajectory,  phase, 
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amplitude  and  polarization  of  the  high  frequency  ray  field  transmitted  through  the 
plume  are  computed  numerically,  and  are  verified  against  available  closed  form 
solutions  in  several  special  media  Hie  far  field  performance  degradation  of  the 
reflector  in  the  presence  of  the  plume  is  calculated.  This  information  is  crucial  in 
determining  realistic  constraints  on  the  location  and  maximum  power  output  of  the 
arcjet  for  spacecraft  integration. 


L.  ELUME  MODEL 

Available  experimental  data^  taken  from  Langmuir  probe  measurements 
indicate  that  the  arcjet  plume  consists  of  a  partially  ionized  plasma  with  a  maximum 
electron  density  which  ranges  from  106  to  1012  cm*3,  depending  on  the  ignition 
condition.  These  numbers  correspond  to  a  plasma  frequency  which  ranges  from 
Megahertz  all  the  way  up  to  the  tens  of  Gigahertz  regime.  For  plasma  temperature 
below  1  eV,  a  cold  plasma  model  is  adequate  for  modeling  the  arcjet  plume.  The 
refractive  index  of  the  plasma  depends  only  on  the  electron  density  for  an 
unmagnetized  plasma  and  is  given  by 


*  m  e0 


(1) 


where  (ap  is  the  plasma  frequency  and  tie  is  the  electron  density.  For  the  arcjet 
plume  the  spatial  distribution  of  the  electron  density  is  found  to  be  approximately 

a. 

ne  exp  (-0.03  8)  cm*3  (r  in  cm,  8  in  degrees)  (2) 
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where  r  =  Vx2  +  z2  is  the  distance  from  the  nozzle.  Contour  plots  of  the  relative 
dielectric  constant  generated  using  the  above  model  (aj  =  3xl012  cm*1)  are  shown 
in  Fig.  2.  Figs.  2(a)  and  2(b)  are  the  plume  profile  at  3  GHz  and  1  GHz, 
respectively.  The  contour  levels  are  0.02  apart.  The  outermost  contour  represents 
a  relative  dielectric  constant  of.  0.98.  It  is  observed  that  the  physical  size  of  the 
plume  increases  as  the  frequency  of  the  microwave  signal  is  decreased.  However, 
the  electrical  size  of  the  plume  (measured  in  terms  of  the  free  space  wavelength) 
remains  essentially  independent  of  the  frequency. 

. RAY...IRA£I^G-IN..IISHQMQGEr!{EQUS...PLUME 

The  solution  of  geometrical  optics  fields  in  an  isotropic  inhomogeneous 
medium  was  first  derived  by  Luneburg  more  than  thirty  years  ago  and  is 
documented  in  detail  by  Kline  and  Kay3,  Bom  and  Wolf*  and  most  recently, 
Bremmer  and  Lee^.  Most  numerical  implementations  of  the  solution  for  arbitrary 
media  have  been  associated  with  studies  of  radio  wave  propagation  in  the 
ionosphere**  and  have  not  been  widely  reported  in  the  antenna  community.  Below 
we  outline  the  relavant  equations  for  determining  the  ray  trajectories  as  well  as  the 
associated  phase,  amplitude  and  polarization  of  the  ray  field  along  the  ray.  The 
trajectory  of  a  ray  in  space  is  governed  by  the  vector  differential  equation 

3j(-N-f)  »  VN  (3) 

where  us  a  unit  tangent  vector  of  the  ray  at  a  point  in  space  and  the  arclength  s  is 
measured  along.the  curved  ray  trajectory.  For  an  arbitrary  inhomogeneous  medium 
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with  index  of  refraction  N(?),  the  trajectory  of  a  ray  can  be  determined  by  solving 
the.  above,  equation  numerically.  By  finite  differencing,  we  obtain  the  difference 
equation 

NCr+A?)  Ut+  At)  -  NO? )  t(r)  =  As  VN(r  +  At/2 )  (4) 

which  allows  us  to  solve  for  the  subsequent  ray  trajectory  once  the  initial  direction  t 
of  a  ray  at  point  "r  is  given.  When  the  medium  is  homogeneous,  the  ray  trajectory 
reduces  to  a  straight  line,  as  expected. 

Once  the  ray  trajectory  is  determined,  the  phase  variation  along  the  ray  path  is 
given  by  Fermat's  relationship: 

P2 

[S(Pi)-S(P2)j  =  J  N  ds  (5) 

Pi 

The  complete  geometrical  optics  field  along  the  ray  can  also  be  determined.  The 
field  at  point  P2  on  the  ray  path  is  related  to  that  at  Pi  by  the  relationship 

£(P2)  =  e2  E(P i)^W2  (DF)  cxp{-jko[S(P2)-S(Pi)]  }  (6) 

The  quantity  (DF),  or  the  so-called  divergence  factor,  can  be  interpreted  physically 
as  a  factor  which  accounts  for  the  spreading  of  the  differential  ray  tube  such  that  the 
clergy  earned  by  the  ray  tube  remains  constant  (Fig.  3).  The  divergence  factor  is 
derivable  from  the  first  order  transport  equation  and  is  given  by 


where  Rj  and  R2  are  the  two  principal  radii  of  curvature  of  the  wavefront  along  the 
ray.  Because  of  its  simple  geometrical  interpretation,  equation  (7b)  is  well  suited 
for  numerical  implementation  of  the  divergence  factor. 

A  A 

The  polarization  vector  e 2  is  related  to  the  polarization  vector  at  Pj,  e^,  in 
the  following  manner: 

e2  =  n  cos(00-9)  -  b  sin(8o-0)  (8) 

where 

0O  =  tan"1  (^)  ,0  =  -J2^ 

<*0  Pi  t 

A  A  A 

C1  =nct0  +  b  P0 


AAA 
(t  X  t')  •  t" 
T=  — - — 

it  x  t r 


In  the  above  expressions,  n  ,  b  and  t  are  respectively  the  normal,  binormal  and 
tangent  vectors  along  the  ray,  x  is  the  "torsion"  of  the  ray  trajectory  in  space.  It  is  a 
measure  of  the  turning  of  the  binormal  vector.  Note  that  the  polarization  vector 
depends  on  the  torsion  of  the  ray  trajectory.  For  planar  ray  paths,  the  torsion  is 
zero  and  therefore  the  electric  field  remains  at  at  constant  angle  with  respect  to  the 
normal  and  binormal  vectors  along  the  ray. 


168 


4.  COMPARISONS  OF  RAY  OPTICS  WITH  EXACT  SOLUTIONS 

Based  on  the  ray  optics  equations  in  the  previous  section,  a  two- 
dimensional  and  a  three-dimensional  ray-tracing  program  have  been  developed  for 
arbitrary  inhomogeneous  media.  Results  of  the  programs  have  been  verified 
against  several  exact  solutions  available  for  special  media.  One  such  medium  is  the 
so-called  "Maxwell's  fisheye"  which  has  a  refractive  index  described  by 

N(r)  =  N0  /  [  1  +  (r/a)2  ]  (9) 

Shown  in  Fig.  4  is  a  set  of  ray  trajectories  in  Maxwell’s  fisheye.  The  results 
obtained  by  the  numerical  routine  and  by  the  exact  solution  (which  are  circles)  agree 
very  well.  The  divergence  factor  calculation  is  also  checked  against  the  exact 
solution  derived  by  Bremmer  and  Lee5  and  found  to  be  accurate.  Note  that  the  rays 
tend  to  bend  toward  regions  of  higher  refractive  index  (the  origin  in  this  example). 
This  is  easily  seen  in  equation  (4)  as  the  ray  direction  is  continously  altered  by  the 
direction  of  the  refractive  index  gradient. 

To  further  validate  the  geometrical  optics  calculations,  the  two-dimensional 
scattering  of  a  plane  wave  by  an  inhomogeneous  circular  cylinder  is  next  studied 
.  (Fig.  5).  The  formal  solution  to  a  class  of  inhomogeneous  cylinders  with  refractive 
index  profile 


N(p)  = 


(P  /  a )  P  ,  p  <  a 


1  ,  p>a 


(10) 
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is  available  in  the  literature.  This  problem  has  been  used  to  validate  the  low 
frequency  moment  method  code  by  Gong  and  Glisson7.  Shown  in  Fig.  6  is  the  ray 
trajectories  inside  the  dielectric  cylinder  for  p=0.25.  The  discontinuity  in  the 
gradient  VN  at  p=a  is  small  and  has  been  ignored.  By  invoking  Huygen's 
principle,  the  scattered  far  field  can  be  found  by  integrating  the  geometrical  optics 
field  on  the  scatterer  surface  at  p=a.  The  detailed  formulation  is  similar  to  that 
reported  earlier  by  Ling,  Chou  and  Lee8.  Figs.  7(a)-(d)  are  comparisons  of  the 
scattering  widths  of  the  cylinder  calculated  using  the  ray  formulation  and  those 
obtained  from  the  exact  series  expansion  solution  for  cylinders  of  different  radii.  It 
is  observed  that  for  scatterer  diameter  above  3  X, ,  the  agreement  between  the  two 
results  is  very  good  in  the  foward  scattering  region.  The  ray  results  predicts  zero 
backscattered  field.  This  is  indeed  the  case  as  the  backscattered  strength  of  the 
exact  solution  is  more  than  40  dB  below  the  forward  scattered  strength. 

fL . RE£LE£TQR.P£RFQRMANCE.JDEGRADAXIQM 

Two-dimensional  results  of  reflector  performance  degradation  in  the 
presence  of  the  plasma  plume  have  been  obtained.  They  provide  good  physical 
insights  into  the  plume  effect  on  antenna  performance.  Shown  in  Fig.  8  is  the 
geometry  of  the  case  under  study.  The  reflector  is  assumed  to  have  a  diameter  of 
60  cm  (20  X  at  10  GHz)  and  is  designed  to  have  a  uniform  aperture  illumination. 
The  antenna  pattern  in  the  absence  of  the  plume  has  a  3-dB  beamwidth  of  3°  and  a 
first  sidelobe  of  -13  dB.  Using  the  plume  model  described  in  Sec.  2,  the  ray 
trajectories  through  the  plume  profile  with  ai=lxl014  cm'1  at  10  GHz  is  also 
plotted  in  Fig.  8.  The  initial  ray  bundle  is  assumed  to  be  perfectly  collimated  (after 
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reflection  from  the  reflector).  The  plume  effect  on  the  ray  path  at  the  bottom  portion 
of  the  beam  is  apparent.  The  direction,  phase,  amplitude  and  polarization  of  the  ray 
field  transmitted  through  the  plume  are  computed  on  an-exit  aperture  plane  x=50 
cm.  Once  the  transmitted  fields  are  found,  the  far  field  of  the  reflector  in  the 
presence  of  the  plume  can  be  found  by  integrating  the  geometrical  optics  fields  over 
the  exit  aperture.  Four  antenna  patterns  are  shown  in  Figs.  9(a)-(d).  Fig.  9(a)  is 
the  reflector  pattern  in  the  absence  of  the  plume.  Figs.  9(b)-(d)  are  patterns 
corresponding  to  increasing  electron  density  profiles,  from  an  aj  value  of  3xl012 

cm'1  to  lxlO14  cm*1.  We  observe  a  gradual  degradation  of  the  main  beam  in  terms 
of  both  gain  loss  and  beam  broadening.  In  addition,  there  is  significant  beam 
squinting  in  the  degraded  pattern.  This  can  be  easily  understood  from  the  ray 
tracing  plots  of  Fig.  8  as  all  rays  are  bent  away  from  the  plume  center  (toward  the 
positive  angles).  As  a  consequence,  the  sidelobe  levels  on  the  positive  angle  side 
are  also  higher  than  the  negative  angle  side. 

Figs.  10(a)-(d)  show  the  pattern  degradation  for  the  same  reflector  and 
plume  parameters  when  a  10  dB  edge  taper  is  introduced  onto  the  reflector  aperture. 
The  sidelobe  degradation  is  more  apparent  in  this  case. 

L . SUMMARY 

One  of  the  most  critical  issues  which  arise  in  the  actual  spacecraft  integration 
of  arcjet  technology  is  the  environmental  impact  of  the  arcjet  plume,  especially  on 
microwave  communication  systems.  In  this  paper,  the  effect  of  an  arcjet  plume  on 
the  performance  of  on-board  reflector  antennas  is  studied.  The  arcjet  plume  is 
modeled  as  a  weakly  ionized  plasma.  Spatial  permittivity  distribution  of  the  plume 
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is  approximated  based  on  the  cold  plasma  model  and  the  available  measurement  data 
of  the  electron  density  profile.  Geometrical  optics  is  applied- to  determine  the  ray 
path  as  well  as  the  transmitted  field  strength  through  the  inhomogeneous  plume. 
The  scattered  field  calculated  from  geometrical  optics  is  verified  against  the  exact 
closed  form  solution  in  several  special,  media.  Finally,  the  far  field  performance 
degradation  of  the  reflector  in  the  presence  of  the  plume  is  calculated.  As  the 
electron  density  increases  (corresponding  to  higher  arcjet  power),  a  gradual 
degradation  of  the  main  beam  in  terms  of  both  gain  loss  and  beam  broadening  is 
observed.  In  addition,  significant  beam  squinting  can  occur.  Modeling  of  more 
realistic  antenna  configurations  in  three  dimensions  are  currently  under  way.  The 
quantitative  information  generated  will  be  crucial  in  determining  realistic  constraints 
on  the  location  and  maximum  power  output  of  the  arcjet  for  spacecraft  integration. 
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(a)  Arc  jet  OFF 
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(b)  ArcjetON 
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Fig.  1.  Reflector  performance  degradation  due  to  an  arejet  plume. 
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Differential  Ray  Tube  Area  at  P* 
Differential  Ray  Tube  Area  at  P2 


Fig.  3.  Ray  tube  spreading  is  accounted  for  by  the  divergence  factor  (DF). 


MAXWELL’S  FISH-EYE 


Fig.  4.  Ray  trajectories  in  Maxwell's  fisheye.  The  three  rays  shown  in  the  figure 
originate  from  point  (1, 0)  with  different  initial  directions. 
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dielectric  cylinder  of  diameter 


Scattering  Width  (dB  lambda)  w  Scattering  Width  (dB  lambda) 


(a) 


PHI  (DEG) 


PHI  (DEG) 


Fig.  7.  Comparison  of  the  scattering  width  of  the  inhomogeneous  cylinder 
calculated  using  ray  optics  with  the  exact  series  expansion  solution, 
(a)  2a  =  IX.  (b)2a  =  3X. 
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Scattering  Width  (dB  lambda)  w  Scattering  Width  (dB  lambda) 
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Fig.  7(Cont'd).  (c)  2a  =  6X.  (d)  2a  =  10X. 
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X  AXIS  (cm) 


Fig.  8.  Geometry  of  the  reflector  degradation  study.  The  diameter  of  the  reflector 
is  60  cm  (20X  at  10  GHz).  Also  plotted  are  the  ray  trajectories  through  a 
plasma  plume  with  aj=lxl014  cm-1. 
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Fig.  9.  Reflector  patterns  in  the  presence  of  a  plasma  plume.  A  uniform 
aperture  illumination  is  assumed  for  the  reflector. 

(a)  No  plume  case,  (b)  ai=3xl012  cm*1. 
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PATTERN  (dB)  PATTERN 


(c)  al  =  3el3  /cm 


(d)  al  =  lel4  /cm 


Fig.  9(Cont'd).  (c)  a^SxlO13  cm*1.  (d)  aj=lxl014  cm*1 
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PATTERN  (dB)  PATTERN  (dB) 


(a)  No  Plume  ( 10  dB  edge  taper) 


(b)  al  =  3el2/cm 


ANGLE  (DEG) 


Fig.  10.  Reflector  patterns  in  the  presence  of  a  plasma  plume.  A  10-dB 
aperture  edge  taper  is  assumed  for  the  reflector. 

(a)  No  plume  case,  (b)  ap3xl012  cm1. 
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(c)  al  =  3el3  /cm 


(d)  al  =  lel4  /cm 


Fig.  KKCont’d).  (c)  cm"l.  (d)  a^lxlO14  cnr* 
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PARAMETRIC  ESTIMATION  OF  THE  J-BAND  RADIATION 
PROPERTIES  OF  CYLINDRICAL  FEEDS  WITH  OR 
WITHOUT  EXTERNAL  COAXIAL  CUPS 


Constantinos  J.  Papathomas 
Dept,  of  Electrical  and  Computer  Engineering 
University  of  Massachusetts 
Amherst,  MA  01003. 


ABSTRACT 

The  radiation  properties  of  cylindrical  prime 
focus  feeds  with  or  without  external  coaxial  cups  in 
J-band  satellite  communications  are  investigated  as 
functions  of  the  geometrical  parameters  and  the 
frequency  of  operation.  Modeling  schemes  for  circular 
waveguides  with  thick  walls  are  discussed  and  it  is 
concluded  that  a  dual  mode  model  provides  a  reasonable 
representation  of  their  behavior.  In  addition,  both 
the  cross-polar  level  and  beam  symmetry  of  cylindrical 
feeds  with  external  cups  are  linked,  not  only  to  the 
radii  of  the  structure,  but  to  the  cup  depths  as  well. 
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1 .  INTRODUCTION  AND  MODELING  PRINCIPLES 


One  of  the  most  important  technical  features  of 
cylindrical  prime  focus  feeds  with  or  without  external 
coaxial  cups,  which  are  used  in  connection  with  deep 
parabolic  reflectors  in  satellite  communication  links, 
is  their  cross-polar  performance;  that  is,  their 
ability  to  distinguish  and  discriminate  among  signals 
of  different  polarizations.  An  equally  important 
feature  is  the  level  of  circular  symmetry  in  the  main 
beam,  manifested  by  the  equality  of  the  E-  and  H-plane 
radiation  patterns,  as  well  as  the  bandwidth  over 
which  a  certain  level  of  circular  symmetry  and 
consequent  low  cross-polarization  is  maintained. 

The  desirable  radiation  properties,  such  as  low 

level  of  cross-polarization,  principal  planes  beam 

equality  and  an  extensive  bandwidth,  are  known 

experimentally  to  be  very  much  dependent  on  the 

12  3 

geometrical  parameters  of  the  feeds  '  '  .  Therefore, 
an  investigation  of  the  influence  exerted  by  the 
central  waveguide  and  cup  radii,  cup  depths  and 
frequency  on  the  radiation  performance  of  these  feeds, 
is  fully  warranted  and  is  the  main  concern  of  this 
paper. 
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To  achieve  this  goal,  we  used  the  modeling 

procedure  recently  proposed  by  Papathomas  and 
4  5 

Collin  '  for  the  determination  of  the  radiation 
characteristics  and  the  input  mismatch  of  cylindrical 
satellite  antenna  feeds,  with  or  without  secondary 
coaxial-cup  radiators  of  finite  depth  (Figures  1,  2). 

The  theory  uses  a  multimode  method  of  moments 
description  of  the  aperture  fields,  that  leads  to 
improved  predictions  of  the  cross-polar  properties 
over  previously  used  single  mode  analyses.  The  main 
drawback  of  the  single  mode  approach  is  that  it 
predicts  much  lower  cross-polarization  levels  than  the 

g 

actual  levels  observed  .  An  important  feature  of  this 
procedure  is  that  it  allows  for  the  modeling  of  feeds 
with  finite  cup  depths.  Cup  depths  are  probably  the 
most  sensitive  geometrical  parameters  involved  in  the 

.  7 

design  of  such  feeds  ,  therefore  means  to  account  for 
their  influence  are  viewed  as  absolutely  necessary. 

The  feed  excitation  is  modeled  after  the  dominant 
H-raode  in  the  cylindrical  waveguide.  There  is  no  need 
to  consider  excitation  by  higher  order  modes  because, 
primarily  due  to  its  relatively  small  diameter,  the 
waveguide  produces  a  circularly  symmetric  pattern  by 
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excitation  with  the  dominant  mode  only.  The  overall 

incident  field  in  the  central  waveguide  is  chosen  as 

that  of  the  TE^  mode  with  a  short-circuit  imposed  on 

the  waveguide  free-space  interface,  in  anticipation  of 

a  Love’s  equivalent  principle  type  treatment  of  the 

radiating  apertures.  Therefore,  the  scattered  field  in 

the  central  region  takes  the  form  of  a  sum  of 

evanescent  TE.  and  TM.  modes.  Due  to  the  circular 
In  In 

symmetry  of  the  problem,  only  modes  with  the  same 
number  of  circumferential  variations  as  the  excitation 
are  considered. 

The  radiated  field  component  of  the  feeding 
waveguide  excites  parasitic  fields  in  the  cup 
sections,  composed  of  a  number  of  modified  coaxial 
cylindrical  waveguide  modes  that  can  be  set  as  high  as 
required.  These  modes  can  propagate  or  are  attenuated, 
depending  on  the  dimensions  of  the  cup  sections,  while 
at  the  same  time  they  provide  for  the  tuning  of  the 
circuit  by  satisfying  the  boundary  condition  at  the 
bottom  of  the  cup.  The  various  modal  components 
radiated  from  any  aperture,  couple  among  themselves 
(mutual  coupling),  as  well  as  with  the  modal 
components  radiated  from  every  other  aperture  (cross- 
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coupling),  thus  determining  what  portion  of  the  power 
content  of  each  single  modal  component  is  scattered  or 
radiated . 

The  level  of  modal  coupling,  which  is  primarily 

controlled  by  the  geometrical  parameters  of  the  feed, 

4 

is  computed  numerically  and  tnen  translated  into 

5 

expressions  for  the  far  field  radiation  patterns  . 
Excellent  pattern  symmetry  and  very  low  cross¬ 
polarization  is  obtained,  when  at  certain  dimensions 
the  coupling  between  the  various  modal  components 
results  in  an  almost  linearly  polarized  field 
throughout  the  total  aperture  of  the  feed. 

2.  CYLINDRICAL  FEEDS  WITHOUT  CUPS 

The  analytical  results  of  the  modeling  procedure 
have  been  incorporated  into  computer  codes  in  order  to 
generate  graphs  of  the  desired  feed  characteristics, 
such  as  the  E-  and  H-  plane  patterns  and  the  45°  plane 
co-  and  cross-polarized  patterns.  For  the  pattern 
plots  presented  the  following  format  has  been  adopted: 
two  axes  are  used,  namely  X  and  Y,  where  Y  represents 
the  relevant  field  amplitude  in  dB  (increasing  from 
-60dB  to  OdB  in  increments  of  5dB),  while  X  is  the 
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angular  displacement  9  from  the  z-axis  in  a  spherical 
coordinate  system  (varying  from  0  to  90  degrees  in 
increments  of  10°). 

We  turn  our  attention  first,  to  the  case  of  the 

circular  waveguide  with  thick  walls  in  the  absence  of 

secondary  radiators.  The  radiation  properties  of 

cylindrical  waveguides  with  infinitely  thin  walls  have 

8  2 

been  studied  by  both  James  et  al  and  Collin  et  al 
through  a  Wiener-Hopf  type  of  analysis.  This  model 
renders  predictions  very  close  to  experimental  data 
for  waveguides  with  wall  width  in  principle  smaller 
than  0.01Xq.  On  the  contrary,  the  behavior  of  circular 
waveguide  radiators  with  thick  walls  has  not  received 
much  attention,  besides  the  experimental  studies  of 
James** . 

When  only  the  dominant  TE^  mode  is  considered  in 
the  aperture  field  expansion,  the  four  principal 
radiation  patterns  of  interest  for  the  circular 
waveguides  with  radii  a^=  0.55Xq  and  0.60Xq,  are 

presented  in  Figures  3  and  4,  when  the  design 
frequency  is  12GHz.  The  best  E-  and  H-  plane  symmetry 
is  obtained  for  a  diameter  of  2a^  =  1.077Xq,  where  the 
crossnpolarization  level  remains  below  -60dB  for  up 
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to,  approximately ■,  d  =  50°.  This  result  is  in  very 

good  agreement  with  the  findings  of  Adatia,  Rudge  and 
9 

Parini  ,  who  reported  minimum  cross-polarization  for 
an  aperture  diameter  of  1.15Xq  using  a  similar  single 
mode  theory. 

If,  on  the  other  hand,  both  the  TE.^  and  TM^ 
modes  are  allowed  in  the  aperture  field  expansion, 
significant  changes  are  observed.  The  cross¬ 
polarization  levels  are  much  higher  from  the  ones 
predicted  with  the  single  mode  model,  as  Figures  5  and 
6  point  out  for  the  waveguides  with  radii  a^=  0.55Xq 
and  0.60Xq  respectively.  The  two  mode  analysis  turns 
out  to  be  in  good  agreement  with  measurements  of  the 
cross-polarization  from  thick  wall  circular  waveguides. 
As  the  waveguide  wall  thickness  increases  and  exceeds 

g 

1.3  radii,  the  experimental  results  follow  closely 
the  theoretical  predictions  via  the  two  mode  model. 

A  five  mode  analysis  reveals  that  the  radiation 
patterns  change  insignificantly  in  comparison  with  the 


patterns  of  the 

two 

mode 

model , 

as  exhibited 

in 

Figures  7  through 

10. 

The 

cross-  polar  patterns, 

in 

particular,  remain  always 

within 

0.25dB  from 

the 

respective  curves 

of 

the 

two-mode 

case.  Since 

the 
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computing  time  for  the  evaluation  of  the  five-mode 
patterns  is  more  than  twice  the  GPU  time  required  for 
the  two-mode  patterns,  we  maintain  that  the  two-mode 
model  represents  ah  excellent  compromise  between 
accuracy  and  computational  cost. 

For  the  sake  of  completeness,  an  eight  mode  as 
well  as  a  twelve  mode  analysis,  has  also  been  carried 
out  for  a  variety  of  radii.  The  resulting  patterns  are 
again  almost  identical  with  the  ones  from  both  the 
two-  and  five-mode  models. 

3.  CYLINDRICAL  FEEDS  WITH  COAXIAL  CUPS 

Next  we  focus  our  attention  to  the  cylindrical 
feed  with  external  coaxial  cups.  The  importance  of 
each  geometrical  parameter  can  be  singled  out  by 
varying  this  parameter  alone,  while  keeping  all  the 
others  constant. 

Significant  improvement  both  in  cross-polar 
performance  and  principal  planes  beam  symmetry  can  be 
achieved  by  proper  selection  of  the  cup  depths  alone. 
Namely,  improvements  of  up  to  approximately  9dB  in 
cross-polarization  levels  were  observed,  when  the  cup 
depth  was  allowed  to  scan  a  range  of  the  order  of  half 
a  wavelength.  Figures  11  and  12  offer  an  example  of 
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the  strong  influence  of  the  position  of  the  bottom  of 
the  cup  radiator,  relative  to  the  mouth  of  the  feeding 
waveguide,  in  the  performance  of  the  feed  with  one 
cup.  The  feed  in  both  cases  operates  at  a  frequency  of 
10GHz  and  its  radial  dimensions  are  a^=  1.27cm  and  b^= 
2.54cm  respectively,  while  the  cup  depth  changes,  from 
1^=  0.2Xq  in  Figure  11  to  1^=  0.4Xq  in  Figure  12.  The 
beam  symmetry  of  the  later  feed  is  superior,  and  the 
diagonal  plane  cross-polarization  improves  by 
approximately  4dB. 

Variations  of  the  cup  depths  were  studied 
extensively  within  the  range  from  0.05Xq  to  1 . 3Xq  and 
it  was  found  that  the  radiation  properties  change  in  a 
smooth  and  continuous  fashion  as  supported  by 
experimental  evidence.  This  feature  points  out  a 
potential  advantage  of  this  modeling  procedure  over 
the  theory  that  represents  the  corrugations  in  an 
approximate  manner  through  anisotropic  surface 

7 

impedances  .  In  the  later,  variations  of  only  0.02Xq 
in  cup  depth  can  generate  differences  in  cross- 
polarization  of  the  order  of  20dB. 

It  was  found  that  the  dimensions  of  the  feed 
radii  play  also  an  important  role  in  the  formation  of 
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favorable  conditions  for  satellite  signal  reception. 
Figures  i3  and  14  illustrate  the  relevant  changes  in 
the  performance  of  the  feed  with  two  cups,  when  the 
outer  radius  is  increased  from  0.85Xq  to  1..  IX  .  The 
remaining  dimensions  are  a^=  0.45Xq,  ag  =  0.78Xq,  1^  = 

0.48Xq  and  l£  =  0.53Xo.  Similar  observations  are 

supported  by  the  change  in  the  inner  radius  a^  of 
another  dual  cup  feed  with  0.77Xq,  a^=  0.92Xq,  1^= 

0.48Xq  and  1^-  0.53Xq.  Figure  15  pictures  the  feed  for 
an  inner  radius  value  of  0.40Xq,  while  in  Figure  16 
the  inner  radial  dimension  has  been  slightly  increased 
to  0.42Xq.  The  frequency  in  both  cases  is  10GHz. 

The  radial  dimensions  control  both  the  modal 
content  of  each  radiating  region  and  the  level  of 
coupling  among  modal  components,  thus  being  largely 
responsible  for  the  amount  of  polarization  purity  of 
the  resulting  aperture  field.  On  the  other  hand,  the 
length  of  the  secondary  cup  radiators  determines  the 
relative  phase  of  the  modes.  Therefore,  once  the  radii 
for  a  feed  with  acceptable  properties  have  been 
obtained,  varying  the  cup  depth  allows  the  best 
possible  performance  to  be  extracted  from  the  original 
design. 
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FIGURE  2:  Cylindrical  feed  without  cups. 
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FIGURE  3:  Principal  radiation  patterns  for 
a^  =  0,55Xo  (single  mode  model). 
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FIGURE  4:  Principal  radiation  patterns  for 
a^  =  0..  60X0  (-single  mode  model). 
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FIGURE  6:  Principal  radiation  patterns  for 
a^  =  0.60Xq  (two  mode  model). 
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FIGURE  7:  H~plane  patterns  of  five  mode  model.  From 
top  to  bottom  curve,  aperture  radius  increases  from 
0 . 3Xq  to  0.6)^,  in  increments  of  0.05\o. 
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E-FIELD  PATTERN 


FIGURE  8:  E-plane  patterns  of  five  mode  model.  From 
top  to  bottom  curve,  aperture  radius  increases  from 
0.3Aq  to  0.6A0,  in  increments  of  0.05Ao> 
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*5-C0P0LARlZ£D  PATTERN 


FIGURE  9:  45  -plane  copolarized  patterns  of  five  mode 
model.  From  top  to  bottom  curve,  aperture  radius 
changes  from  0.3Xq  to  0.6Xq,  in  increments  of  0.05Xq.- 
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FIGURE  10:  45°-plane  cross-polar  patterns  of  five  mode 
model.  From  top  to  bottom  curve,  aperture  radius 
changes  from  0.3Xq  to  0.6Xq,  in  increments  of  0.05\Q. 
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FIGURE  15:  Inner  radius  a^=  0.40Xq,  in  dual  cup 
feed  with  0.77\Qi  a^=  0.92Xq,  1^  =  0.48Xq 
and  lg=  0.53Xq. 
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FIGURE  16:  Inner  radius  a^  =  0,42Xq,  in  dual  cup 
feed  with  ag=  0.77Xo>  a^=  0.92Xq,  1^  =  0,48Xq 
and  1 2=  0.53Xq, 
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Abstract 

This  paper  discusses  the  analysis,  design,  and  realization  of  a  coax¬ 
ial  probe-fed  microstrip  Rotman  lens  for  achieving  a  broad  sector  array 
factor  pattern  over  a  4.5  to  1  frequency  bandwidth  (4-18  GHz).  The 
probe  location  within  the  lens  is  chosen  to  provide  the  appropriate 
quadratic  phase  error  at  thedinear  array  aperture  that  results  in  opti¬ 
mal  array  factor  pattern  sector  coverage  over  the  entire  bandwidth. 

Methods  for  using  Rotman  lenses  for  phased  array  synthesis  have 
been  described  in  the  literature.  Here,  the  addition  of  a  coaxial  shorted- 
probe  network  for  sector  coverage  to  a  microstrip  Rotman  lens  with 
normal  fan-beam  coverage  is  analyzed  and  developed. 

The  sector  beam  lens  port  is  modeled  as  a  shorted  probe-fed  radial 
waveguide.  The  corresponding  first-order  input  impedance  is  com¬ 
puted,  and  a  three  section  coaxial  matching  network  is  designed  for 
broadband  performance.  The  effect  of  mutual  coupling  between  mul¬ 
tiple  probes  on  probe  input  impedance  is  included  in  the  model. 

Computed  lens  array  factor  sector  patterns  sing  measured  lens 
array  port  aperture  distributions  are  presented.  Measured  and  com¬ 
puted  data  are  compared  for  multiple  probe  mutual  coupling  and  probe 
VSWR. 

1  Introduction 

Synthesis  of  low-sidelobe  constant  beamwidth  antenna  patterns  over  ultra¬ 
wide  bandwidths  using  the  multiple  port  excitation  of  Rotman  lenses  has 
been  demonstrated1.  In  addition,  the  use  of  a  shorted  coaxial  probe-fed 
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II 


I. 


Figure  1:  Rotman  lens  geometry,  probe  location,  and  port  angle  definition. 


stripline  Rotman  lens  for  broad  beamwidth  sector  coverage  has  been  disclosed2 
For  sector  coverage  applications  the  lens  parallel-plate  region  is  excited  at 
a  location  which  provides  an  array  port  illumination  with  an  approximately 
quadratic  phase  distribution.  Figure  1  presents  the  lens  geometry  and  de¬ 
fines  the  variables  of  interest  for  computing  the  port  to  port  S-parameters. 
The  direct  ray  path  coupling,  from  an  array  port  to  a  beam  port  is  given  by 

SBA-  fadA-dB  E{0B,dB)E(eAydA) c_ikrn  ^ 

’  y  h'Q  X 

where  E(6,  d)  is  the  radiation  pattern  into  the  parallel  plate  region  of  a  feed 
port  of  width  d  at  an  angle  9  with  respect  to  its  pointing  direction,  A  is 
the  wavelength  in  the  dielectric,  and  k  =  2x/\.  If  a  shorted  coaxial  probe 
is  assumed  to  radiate  an  omni-directional  pattern  within  the  lens  the  array 
port  to  probe  port  coupling  is  given  by 

Sp,A  =  (2) 

By  computing  the  array  factor  pattern  produced  by  various  probe  loca¬ 
tions  one  can  iteratively  determine  an  optimum  probe  location  for  a  par¬ 
ticular  bandwidth.  This  design  utilized  a  0.020  inch  probe  radiating  into  a 
soft-substrate  microstrip  lens  structure  ( er  =  10.5)  and  operated  over  a  4  to 
18  GHz  frequency  range. 
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Soft  Substrate 


Figure  2:  Probe-Fed  Lens  Configuration  and  Coordinate  System. 


2  Probe  Modeling  and  Input  Impedance 

The  excitation  of  a  well-matched  microstrip  lens  structure  with  a  shorted 
probe  can  be  modeled  to  first  order  as  a  perfectly  matched  probe-fed  radial 
waveguide.  The  probe  fed  radial  waveguide  configuration  and  coordinate 
system  are  defined  in  Figure  2.  A  variational  approach3  yields  an  input 
impedance  of 

zu  =  ~ji  //E‘J^>  (3) 

where  /  is  the  total  input  current,  E  is  the  field  radiated  by  J,  the  assumed 
uniform  surface  current  flowing  on  the  coaxial  center  conductor.  This  probe 
excites  a  TM.  radial  waveguide  mode,  and  since  a  <<  A  the  TMoo  mode  is 
dominant  and  all  other  modes  can  be  neglected.  Therefore, 

B,  =  (4) 

with  ??  the  intrinsic  impedance  in  the  dielectric.  Using  the  large  argument 
formula  for  the  Hankel  function  of  the  second  kind,  we  obtain 

z“  =  !fcn(1-4'“2r),  (5) 

where  7  is  Euler’s  constant. 

Computed  values  of  Fin  =  1/Zu  and  the  corresponding  equivalent  circuit 
for  the  case  of  d  =  0.020  in., .a  =  0.025  in.,  er  =  10.5  are  shown  in  Figure  3. 

The  equivalent  circuit  is  a  parallel  RL  load  requiring  a  shunt  capacitance 
of  value  C  =  l/(u>oL)=  0.324  pF  for  resonance  at  14  GHz.  The  capacitance 
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Figure  3:  Computed  Input  Admittance  and  Equivalent  Circuit. 


is  realized  by  using  a  short  section  of  low-impedance  coaxial  line.  The  ca¬ 
pacitance  is  given  by  C  =  Yl/v,  where  Y  =  l/Z  is  the  characteristic  line 
admittance,  /  is  the  line  length,  and  v  is  the  wave  velocity.  For  a  resonant 
frequency  of  14  GHz  the  proper  length  of  10ft  line  is  /  =  0.038  in.  of  air 
or  l  =  0.012  in.  for  dielectric  filled  coaxial  line  (alumina,  er  =  9.9).  The 
resonant  frequency  was  chosen  at  14  GHz  to  maximize  the  lens  array  factor 
gain  at  the  upper  frequencies  where  the  lens  losses  are  highest.  The  10ft  line 
impedance  for  the  equivalent  shunt  capacitance  was  the  lowest  impedance 
value  which  could  be  easily  realizable  in  coaxial  line.  At  the  resonant  fre¬ 
quency,  the  50ft  coaxial  SMA  connector  is  matched  to  the  purely  real  load 
impedance  (R=  1/G  =  34ft)  using  two  alumina  dielectric  filled  coaxial  line 
quarter-wave  sections  of  40.4ft  and  44.6ft  respectively. 

A  second  probe  designed  for  the  low  band  frequency  range  was  matched 
at  10  GHz  using  a  single  teflon-filled  (er  =  2.1)  quarter-wave  (/  =  0.204  in.) 
coaxial  section  of  impedance  Z  =  30ft.  For  a  probe  impedance  magnitude  at 
10  GHz  of  \Zin\  =  19.5ft  the  optimum  line  impedance  to  match  to  the  50ft 
SMA  connector  is  given  by  Z  =  \/(19>S)(50.0)  =  31.2ft.  The  design  value 
of  30ft  was  determined  by  optimizing  over  the  4  to  10  GHz  frequency  range 
on  TOUCHSTONE.  The  value  of  the  computed  lens  array  factor  gain  was 
high  enough  at  the  low  band  frequencies  to  not  require  additional  matching 
sections. 

The  resulting  filter  structures  were  modeled  on  TOUCHSTONE  using 
transmission  line  sections  of  the  appropriate  impedances  and  lengths  to  com¬ 
pute  the  frequency  responses.  The  filter  designs  loaded  with  the  computed 
probe  input  impedances  gave  the  responses  of  Sn  shown  in  Figure  4  and 
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are  compared  to  the  corresponding  Sn  for  an  unmatched  probe.  Note  that 
these  plots  do  not  include  the  effects  of  mutual  coupling  which  is  considered 
in  the  next  section. 


3  Multiple-Probe  Modeling  and  Mutual  Impedance 


By  assuming  uniform,  cylindrical  currents  on  the  probe  surfaces  one  can 
derive  an  approximate  expression  for  the  mutual  impedance  between  a  pair 
of  probes, .neglecting  reflections  from  the  lens  boundary.  The  result  is 

Zit  =  ^Jo(^i/2)Jo(H2/2)42)(^i2),  (6) 

where  d i  and  d2  are  the  port  diameters,  Jo  is  the  Bessel  function  of  the  first 
kind  of  order,  zero  and  Rn  is  the  separation  of  the  two  ports.  Of  course, 
Zyi  -  Z2l  for  this  reciprocal  device.  With  Equations  (5)  and  (6)  we  may 
compute  the  complete  open-circuit  impedance  matrix,  Z,  of  the  two-port 
network.  The  scattering  matrix  is  then  found  using  the  standard  formula 

S  =  (Z  -  Z0)(Z  +  Zo)"1  (7) 


where  Zo  is  the  identity  matrix  multiplied  by  Zq  =  50f2. 

Suppose  now  that  the  second  probe  is  terminated  in  a  load  impedance 
Zi,.  Under  this  condition,  the  current  flowing  in  probe  2  is  related  to  that 
in  probe  1  by 

(8) 

Z  22  +  ZtL 

and  the  input  impedance  seen  at  probe  1  is 


Z\n  =  Zn  ~ 


Z12Z21 

Z22  +  Zl 


(9) 


The  special  case  of  probe  2  consisting  of  a  shorting  pin  is  treated  by 
taking  Zi  =  0.  The  above  formulas  are  all  easily  generalized  to  include 
more  than  two  probes. 


4  Measured  Results 

Measurements  of  a  two-probe  microstrip  lens  were  performed  on  an  auto¬ 
matic  network  analyzer  to  determine  probe  mutual  coupling  and  the  result¬ 
ing  lens  array  port  amplitude  and  phase  distributions  for  individual  probe 
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Figure  4:  Computed  return  loss  for  the  low  band  (*)  and  high  band  (•) 
probes  including  matching  sections  compared  to  the  computed  return  loss 
of  a  single  probe  (o)  without  matching  network. 
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excitation.  The  computed  and  measured  S-parameters  of  the  two-port  probe 
network  are  shown  in  Figures  5  and  6. 

For  each  probe  the  measured  and  computed  (both  with  and  without 
mutual  coupling)  lens  array  port  aperture  distributions  (Spt/ 1)  were  then 
used  to  compute  array  factor  patterns  for  an  equally  spaced. (0.36  in.)  linear 
eight  element  array.  These  patterns  are  compared  at  10  GHz  in  Figure  7, 
which  shows  the  importance  of  including  mutual  coupling. 

It  should  noted  that  a  single  three-section  matched-probe  provides  the 
necessary  array  factor  coverage  over  the  entire  4-18  GHz  bandwidth,  and 
that  the  two-probe  approach  was  developed  for  a  particular  system  config¬ 
uration. 
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Figure  5:  Computed  and  measured  return  loss  for  the  two-port  defined  as 
shown.  ©  and  +  are  used  for  computed  and  measured  return  loss  at  port  1, 
respectively,  while  ®  and  x  are  used  for  the  same  quantities  at  port  2. 
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Figure  6:  Computed  and  measured  insertion  loss  for  the  two-port  defined  as 
shown.  ©  and  +  are  used  for  computed  and  measured  values,  respectively. 


Figure  7:  Low  band  probe  array  factor  patterns  at  10  GHz.  Dashed  line: 
computed  taking  into  account  mutual  coupling;  dark  line:  computed  neglect¬ 
ing  mutual  coupling;  light  line:  computed  from  measured  lens  S-parameters. 
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5  Conclusion 

A  two-probe  microstrip  Rotman  lens  has  been  analyzed  and  developed  for 
synthesizing  sector  coverage  array  factor  patterns.  The  probe  array  fac¬ 
tor  gain  has  been  optimized  for  this  configuration  by  utilizing  a  coaxial 
multiple  section  filter.  The  implementation  of  this  approach  for  realizing  a 
broadband  (4-18GHz)  wide  sector  synthesized  array  factor  pattern  has  been 
demonstrated. 
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ABSTRACT 


Very  Small  Aperture  Terminals  (VSAT's)  operating 
in  the  Ku-Band  frequency  range  are  gaining  popularity 
for  two  way  data  communications  via  satellite.  Today, 
over  10,000  VSAT  antennas  are  in  operation  and  market 
forecasts  shows  all  the  signs  of  continued  high  growth 
potential.  For  these  networks,  antennas  in  the  1.8  and 
2.4  meter  aperture  sizes  are  typically  used.  The 
antennas  are  designed  for  high  performance  and  low 
cost . 

This  paper  discusses  the  development  and 
production  implementation  of  a  1.8  meter  VSAT  antenna 
and  accessories.  System  performance  parameters  are 
presented  along  with  novel  component  designs  including: 
reflector,  feed  horn,  and  anti-icing  provisions. 


1 

223 


1.0 


INTRODUCTION 


During  the  past  five  years,  there  have  been 
increasingly  widespread  applications  for  cost-effective 
satellite  communication  systems  offering  the  end  user  2 
way  high  volume  data  transmission.  This  new  business 
has  been  identified  as  Very  Small  Aperture  Terminal 
CVSAT)  and  is  currently  in  use  by  private  industry  and 
federal  agencies.  Typically,  these  remote  antennas 
are  2.44  meters  in  aperture  size  or  less  and  connect  to 
a  central  antenna  hub/computer  facility  to  create  the 
network . 

A  critical  element  of  the  VSAT  network  is  the 
remote  communication  antenna.  The  short  wavelengths  of 
Ku-Band  frequencies,  high  reliability  and  low  cost 
requirements,  and  FCC  regulations,  place  challenging 
requirements  on  the  antenna.  This  paper  describes  a 
1.8  meter  prime  focus  offset  antenna  which  has  been 
specially  developed  for  application  in  VSAT  networks. 

To  date  over  10,00,0  antennas  are  currently  in  operation 
throughout  the  world.  The  paper  is  organized  as 
follows;  antenna  system  design  and  performance 
summary,  component  design  and  manufacturing  technology, 
and  radiation  performance. 
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2.0  Airitenna  System  Design  and  Performance  Summary 

The  prime  focus  offset  fed  antenna  system,  shown 
in  figure  2.0-1  is  the  baseline  design.  This  antenna 
provides  simultaneous  operation  across  the  domestic 
receive  <11.7  -  12.2  GHz)  and  transmit  (14.0  -  14.5 
GHz)  frequency  bands  with  linear  pol ar izat ion ,  The 
antenna  is  compliant  to  the  FCC  Co-Polar  sidelobe 
specifications  along  the  geostationary  satellite  arc. 
Major  components  of  the  antenna  system  are  a  one  piece 
reflector,  feed  horn  and  elevation  over  azimuth 
positioner.  Optional  components  include  anti-icing 
provisions  for  the  reflector  and  feed  horn. 

3.0  Component  Design  and  Manufacturing  Technology 

Product  technical  performance,  product  cost,  and 
anticipated  market  share  were  of  dominant  importance  in 
the  design  and  selection  of  manufacturing  technologies 
for  the  antenna  system.  Early  VSAT  network  market 
forecasts  estimated  approximately  50,000  remote 
antennas  would  be  utilized  between  1986  and  1992.  In 
addition,  needs  for  Ku-Band  receive-only  antennas  for 
video  and  audio  applications  were  estimated  at  30,000 
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1.8  MEIER  SPECIFICATIONS  SUMMARY 
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FIGURE  2.0-1  1.8  ANTENNA  SYSTEM  AND  PERFORMANCE 
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remote  antennas  over  the  same  period.;  Since  these 
satellite  delivery  networks  are  in  direct  competition 
with  leased  terrestrial  data  lines,  cable  networks, 
etc.,  system  cost  was  of  paramount  importance. 
Therefore,  at  the  start  of  the  development,  a  dose 
interface  between  RF,  Mechanical,  and  Manufacturing 
Engineering  was  established.  The  following  paragraphs 
describe  the  design  and  manuf ac tur ing  technology 
selected  for  the  1.8  meter  reflector,  feed  horn,  and 
optional  anti-icing  provisions. 

3.  1  Reflector 

The  circular  aperture,  prime  focus,  offset  fed 
optics  were  selected  because  of  the  simplicity  and 
technical  criteria  such  as:  elimination  of  blockage 
and  reduced  impact  caused  by  accumulating  rain,  ice, 
and  snow  on  the  reflector. 

The  selection  of  a  material  system  and  its 
associated  manufacturing  process  for  the  reflector 
design  go  well  beyond  surface  accuracy  (rms)  and 
stiffness  requirements.  Without  due  consideration  of 
complex  environmental  conditions,  susceptibility  to 
handling  damage,  structural  weight, 
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and  appearance,  a  particular  -design  may  fall  short  of 
meeting  its  long  term  objective. 

Light  gauge  metals  have  long  been  widely  used  for 
reflector  manufactur ing,  principally  because  of  their 
inherent  microwave  reflectivity  and  high  tensile 
strength.  Their  cost  performance  is  typically 
unsurpassed  in  structural  applications  involving  low 
quantities  <2,000  units/yr)  and  simple  shapes.  Typical 
manufacturing  methods  include  stretch  forming, 
stamping,  and  hydroforming. 

Over  the  past  7-12  years,  however,  advanced 
composite  materials  have  entered  selected  engineering 
applications  in  the  aerospace  and  automotive 
industries.  In  applications  where  st i f fness-to-weight 
and  stiffness-to-cost  are  dominating  criteria,  they  can 
be  unsurpassed.  As  these  materials  relate  to  the 
design  and  manufacture  of  small  aperture  reflectors, 
properly  engineered  systems  of  compression  molded 
glass/inorganic  solids/polyesters  can  demonstrate  the 
highest  levels  of  dimensional  accuracy  and  part-to-part 
uniformity.  The  added  attributes  of  low  thermal 
coefficient,  of  expansion  (approximately  equal  to 
steel),  high  impact  strength,  and  low  thermal 
conductivity  make  this  class  of  material  highly 
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suitable  for  microwave  reflector  appl icat ionsi  When 
properly  designed  and  utilized,  compression  molded 
reflectors  permit  the  integration  of  multiple  parts 
through  the  material's  complex  shaping  capabilities 
which  can  result  in  fewer  separate  parts,  elimination 
of  fasteners,  secondary  assembly  steps,  and  lower 
production  costs.  For  example,  the  reflector  surface 
and  back  structure  is  molded  in  one  operation.  The 
inherent  overall  corrosion  resistance  of  these 
composites  have  eliminated  the  need  for  costly  coating 
systems.  For  small  aperture  reflectors  in  moderate-to- 
high  quantities  (5,000  to  25,000  units/year)  the 
compression  molding  process  utilizing  sheet  molding 
material  (SMC)  was  selected.  The  SMC  formulation  (7.  by 
Wt.)  for  this  application  consists  of  507.  CaC03 
(limestone),  307.  glass  fiber,  177.  Polyester  resin,  and 
37.  Modifiers  catalysts. 

In  summary,  the  selection  of  compression  molding 
for  the  1.8  meter  reflector  has  proved  to  be  the 
correct  choice.  Figure  3,0-1  shows  the  production 
facility  where  the  reflector  is  molded.  Reflector 
fabrication  cycle  time  is  9  minutes. 
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3.2  Feed'  Horn 

High  gain,  low  sidelobe.,  and  low.  cost  antennas 
present  a  ,sign i ficarit  design  challenge  in .match ing  the 
ref-lector  and  feedi  For  this  application,  a  conical 
corrugated  horn  was  selected  for  the  following  reasons 

-  High  Efficiency 

-  Wide  Band 

-  E  &  H  Plane  Symmetry 

-  Very  Low  Cross  Polarization 

-  Optimum  Reflector  Illumination  (10  db  edge  taper) 

-  Manufactured  by  Aluminum  Die  Casting  Method 

The  feed  horn  configuration  and  primary  radiation 
patterns  are  shown  in  Figure  3.2-1. 

To  facilitate  volume  production,  corrugations  are 
parallel  to  the  boresight  axis  as  opposed  to  more 
conventional  approaches  (i.e.  perpendicul ar  to  wall  or 
axis).  To  prevent  moisture  accumulation  inside  the 
feed  horn,  extensive  development  was  performed  on  the 
material  selection  and  assembly  method  of  the  radome. 

A  polyester  material  with  an  ultraviolet  absorber  was 
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FIGURE  3.2-1  FEED  HORN 


selected  for  the  radome  material  because  of  its 
outstanding  rf  and  mechanical  properties.  Completing 
the  assembly,  the  radome  receives  a  hydrophobic  coating 
which  imparts  extreme  water  repellency. 

2.3  Optional  Antenna  Anti~Icing  Provisions 

In  commercial  applications  in  North  America  and  Europe, 
antenna  anti-icing  has  been  found  to  be  a  necessity  in 
most  of  the  commonly  used  frequencies.  In  Ku-Band 
experience,  where  offset  reflectors  are  incorporated , 
there  is  less  tendency  to  accumulate  large  depths  of 
snow,  but  a  greater  tendency  for  the  signal  to  be 
attenuated  in  thin  layers  of  snow  or  glaze  ice.  In 
order  to  meet  high  VSAT  system  reliability  and  antenna 
system  performance  specifications,  A  novel  reflector 
and  feed  horn  anti-icing  system  was  developed.  The 
reflector  anti-icer  (SoftHeat  Radiant™)  consists  of  a 
self  regulating  radiant  heating  element,  as  shown  in 
Figure  3.3-1.  The  radiant  heating  element  is  located 
in  a  backshell  and  is  separated  slightly  from  the 
reflector  structure,  enabling  the  uniform  heating  of 

tm 

SoftHeat  Radiant  -  Trademark  of  Raychem  Corporation 
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SENSOR 

FIGURE  3.3-1  ANTI-ICING  PROVISIONS 
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the  reflector.  Since  the  element  utilizes  self¬ 
regulating  heating  technology,  they  have  been  found  to 
be  extremely  long-lived.  In  addition,  the  heat 
transfer  mechanics  of  radiant  heating,  when  combined 
with  the  self-adjusting  power  level  of  the  heater  in 
response  to  its  environment,  provide  intensive  heating 
for  those  areas  of  the  antenna  where  anti-icing  is 
needed.  When  the  system  is  idling  in  the  absence  of 
peak  storm  conditions,  less  power  is  drawn.  RF 
radiation  measurements  along  with  infrared  thermal 
images  have  been  obtained  showing  the  even  heating 
provided  by  the  heating  system.  To  provide  anti-icing 
capability  for  the  feed  horn,  a  self-regulating  heater 
is  wrapped  around  the  outer  surface  of  the  horn.  The 
heater  heats  the  internal  air  volume  of  the  horn, 
gently  warming  the  surface  of  the  feed  window. 
Controlling  the  heaters,  the  microcomputer-based 
SnoTrol  saves  energy  by  operating  the  antenna  heaters 
during  snow  and  for  one  hour  thereafter.  It  detects 
snow  by  sensing  both  temperature  and  moisture.  The 
SnoTrol1* provides  an  electronic  bypass  switch  for 
testing  and  manual  heater  operation. 

TM 

SnoTrol  -  Trademark  of  Environmental  Technology,  Inc. 
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4.0  1.8  meter  Antenna  System  Performance 

To  illustrate  the  performance  character ist ics  of 
the  antenna,  midband  co-pol  and  cross-pol  secondary 
radiation  patterns  are  presented  in  Figure  4.0-1. 

5.0  Conclusion 

This  paper  discussed  the  development  and 
production  implementation  of  a  Ku-Band,  1.8  meter 
antenna  system  for  applications  in  Very  Small  Aperture 
Terminals  (VSAT)  networks.  The  antenna  system  has  been 
specifically  developed  utilizing  high  volume/low  cost 
manu f actur ing  methods.  Antenna  system  radiation 
performance  is  presented  in  addition  to  descriptions  of 
reflector,  feed  horn,  and  anti-icing  provisions. 
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1.8  Meter 
Freq:  1’4.25  GHz 

H-Plane,  t  7’ 
Co.  &  Cross-Pol . 


Figure  4.0-1  1.8  meter  Radiation  Patterns 
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I.  INTRODUCTION 

Large  conformal  airborne  phased  arrays  -(Fig  1)  are 
increasingly  projected  as  a  future  Air  Force  need.  While 
many  of  the  ultimate  characteristics  cannot  be  accurately 
predicted  at  the  present  time  certain  features  are 
clear lydesirable .  One  of  the  features  is  minimum  extrusion 
to  keep  added  air-drag  as  low  as  possible.  Because  space 
inside  a  surveillance  aircraft  is  also  at  a  premium, 
minimum  intrusion  is  also  highly  desirable.  For  these  two 
reasons  phased  arrays  are  envisioned  with  multiple  planar 
configurations,  that  is,  at  the  outermost  plane  would  be 
the  radome  surface,  then,  the  radiating  surface,  the  phase 
shifter  or  T/R  module  surface.,  finally  the  beamforming 
network  layer  and  mixed  in  within  these  layers  would  be  DC 
power  and  digital  control  layers.  Figure  2  shows  a  sample 
configuration. 

In  this  paper,  the  principle  concern  is  the  RF  feed 
coupling  the  RF  power  distribution  network  to  the  active  or 
phase  shifter  layer.  If  these  feed-throughs  are  metallic 
pins  and  there  are  a  great  number  of  them  both  the 
difficulty  of  assembling  the  networks  and  the  expected 
power  long-term  reliability  are  very  serious  problems. 
Furthermore,  another  set  of  transverse  wire  connectors  is 
required  for  mode  suppression  making  the  network  assembly 
even  more  complex(See  Fig  3).  An  examination  of  the  use  of 
electromagnetic  or  proximity  coupling  has  been  undertaken 
to  alleviate  these  problems. 

II  APPROACH 

The  approach  we  have  used  involved  the  analytic 
solution  and  application  of  the  weak  coupler  case  from 
Mathei  and  Young  to  coupling  between  stripline  with 
longetudinal  slots  (i.e.  slots  that  have  their  maximum 
dimension  in  the  direction  of  the  stripline  center 
conductors) .  This  solution  was  extended  to  give  complete 
coupling  .  From  this  base,  an  experimental  model  was 
built,  tested  and  modified  to  overcome  the  problems  of 
using  weak  coupler  design  for  total  coupling. 
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Ill  Derivation: 

For  the  configuration  shown  in  Figure  4  the 
following  equations  apply: 

1_1  (1) 

Z 


FIG  4 

where  Zoe  is  the  even  mode  characteristic  impedance  of  the 
stripline.  Zoo  is  approximately  Z  the  characteristic 
impedance  of  the  stripline  and 


Z= 


30n  K(k’) 


y/Er  K  (k) 

K  is  the  complete  elliptic  integral  of  the  first  kind. 
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If  the  length  of  the  coupling  section  is  ft  ,  maximum 

coupling  occurs  when  ftQ  =  This  gives  an  impedance  of  Zj 

in  this  region  where 


Zoe-Zoo 


(4) 


A 

and  =7 
4 


Since  Zj  will  be  smaller  than  ZQ ,  a  quarter-wave  matching 
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section  is  needed  at  the  input  and  output  lines. 


Zm2  =  (ZjZj  (5) 


where  Zm  is  the  impedance  of  the  matching  section. 

These  equations  together  with  Figure  5  are  sufficient  to 
determine  the  dimension  of  a  coupler  for  a  given  and 

ground  plane  separation,  b. 


IV  EXPERIMENTAL  RESULTS 

A  test  coupler  was  built  at  S-Band  (\©=3.5 

inch.es).  It  consisted  of  four  layers  of  etched  copper  clad 

dielectric.  The  complete  coupler  is  shown  in  Fig  6.  The 
outside  dimension  of  the  test  piece  was  6'  x  3.5  inches. 
Large  aluminum  plates  were  used  to  hold  the  four  pieces 
together  with  nuts  and  bolts.  Coax  to  stripline 

connectors  linked  the  test  piece  to  the  network  analyzer. 

A  50  ohm  stripline  with  the  same  dimensions  was  made  to 

account  for  the  ohmic  losses  of  the  equivalent  transmission 
line.  Power  applied  to  the  test  coupler,  divides  into 
power  out  the  output  connector  ( S ^ 2 )  ,  power  reflected  back 

(S^j),  power  absorbed  by  the  stripline,  ohmic  loss,  and 

power  lost  by  radiation  from  the  coupler.  Since  we  have 
measured  estimates  of  S^and  S  the  power  absorbed,  we 

can  estimate  the  power  lost  by  coupler  radiation  as  the 
remaining  power.  This  loss  is  the  critical  measure  of  the 
coupler  3ince  this  energy  is  free  to  propagate  throughout 
the  stripline  circuit. 

By  the  use  of  tuning  the  reflection  loss  can  be 
reduced  to  -20db  or  greater  {less  than  1%  of  reflected 
power) .  Low  loss  dielectric  and  thick  copper  coating  can 
reduce  the  ohmic  loss.  For  the  6  inch  stripline  section 
this  loss  is  about  .5db.  Again,  the  loss  that  is  critical 
is  the  coupler  radiation  loss.  If  this  loss  were  much 
greater  than  . 5db  or  10%  in  power  it  would  be  an  unaccept¬ 
able  loss  for  most  practical  applications.  On  the  other 
hand  a  loss  of  . ldb  or  2%  would  be  quite  acceptable. 

Figure  7  is  the  final  measured  result  after 
several  iterations.  The  return  loss  is  20db  or  greater 
over  an  8%  band.  At  the  center  the  transmission  loss  is 
.24db.  The  loss,  then,  due 

to  coupler  radiation  is  only  4  or  5%.  This  result  is  the 
lowest  coupler  loss,  obtained  after  several  iterations. 
The  inital  design  useda  total  str ipl ineseparation  of  .13 
inches.  The  application  of  the  design  equations 

lead  to  a  slot  width  of  .35  inches.  Because  of  the 
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assumption  that  the  large  slot  width  is  the  major  cause  of 
high  coupler  loss  designs  with  narrower  slots  were  found. 
These  designs  did  appear  to  give  cons iderabl ey  less 
coupling  loss  but  the  mismatch  at  the  edges  of  the  test 
piece  with  absorber  prevent  a  well  defined  estimate  of  the 
coupling  loss.  The  rough  rule  emerging  is  to  keep  the  slot 
width  less  than  4  or  5%  of  a  wavelength. 

V  CONCLUSION 

The  use  of  the  design  equations  of  section  III  along 

with  a  slot  width  restriction  of  .04X  where  X.  is  the 

e  e 

wavelength  in  dielectric  stripline  gives  low  loss  coupler 
performance.  With  the  low  loss,  proximity  or  electro¬ 
magnetic  couplers  become  practical  and  for  complex  networks 
that  require  multiple  layers  of  stripline  for  beamforming 
the  need  for  blind  pin  connectors  and  mode  suppressions  is 
eliminated.  Fabrication  cost  should  be  reduced  and  network 
reliability  enhanced. 
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MULTI-LAYER  CONSTRUCTION  OF 
PRINTED  CIRCUIT  ARRAY 
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Figure  3  possible  network 
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Figure  7  coupler  reflection  and  transmission 

behavior 


Design  of  a  Planar  Array  of  Parasitic  Microstrip  Patch  Antennas 


R.W.  Shaw  and  J.K.  Kovitz;  Shason  Microwave  Corporation; 

Houston,  Texas 

Dr.  I.Paz  and  L.  Johnson;  Lockheed  Engineering  and  Sciences  Company 

Houston,  Texas 

Dr.  G.D.  Arndt;  National  Aeronautics  and  Space  Administration 
Johnson  Space  Center,  Houston,  Texas 


Abstract 

The  accumulation  of  space  debris  in  low  earth  orbit  (LEO)  is  expected  to 
present  an  increasing  threat  to  large  space  structures  such  as  the 
planned  Space  Station  "Freedom."  Space  borne  radar  systems  will 

eventually  be  needed  to  detect  and  track  debris  of  approximately  1  cm  or 
smaller.  Due  to  the  small  radar  cross  section  of  such  debris  and  the  high 
closing  velocities  of  the  particles,  stringent  constraints  must  be  placed 

on  the  space  borne  system.  The  preliminary  investigation  of  the 

antenna  system  required  to  perform  in  this  application  has  been 
configured  as  a  planar  array  of  parasitic  microstrip  antennas.  Benefits 
of  the  parasitic  over  the  directly  fed  patch  configuration  include 

increased  gain  and  impedance  bandwidth.  In  addition,  the  reduction  in 

number  of  fed  elements  in  the  array  will  simplify  the  design  and 

improve  the  performance  of  the  corporate  feed  network. 

This  paper  will  address  the  design  of  the  rectangular  patch  subarray, 

the  integration  of  the  subarray  with  the  feed  network,  the 

implementation  of  the  microwave  components  (i.e.  low  noise  amplifiers, 

power  amplifiers,  phase  shifters,  etc.)  into  the  antenna  system  and 

review  basic  parameters  required  in  the  orbital  debris  scenario.  The 

design  process  and  the  performance  measurements  of  a  partial  array 

consisting  of  four  electronically  steered  subarrays  will  be  described  and 
presented. 
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1.0  INTRODUCTION 

Antenna  arrays  are  finding  wide  applications  in  military  and  space- 

based  systems  which  require  rapidly  scanned  beams  or  simultaneous 
beams  for  numerous  users.  In  these  applications,  and  in  most  space 

requirements,  the  operating  frequencies  are  specified  in  the  higher 

microwave  region  including  Ku,  K  and  Ka  bands  (13  to  40  GHz).  As  a 
result  of  these  higher  frequencies,  transmitter  power  levels  and 

receiver  noise  figures  become  the  main  performance  limiters  on  the 
system.  A  simplified  block  diagram  for  an  active  array  system  is  shown 
in  figure  1. 


Figure  1:  Simplified  Active  Array  Antenna  System 


A  significant  advantage  can  be  gained  by  the  use  of  solid  state  power 
transmitters  and  low  noise  amplifiers  embedded  and  distributed  in  the 
numerous  elements  which  make  up  the  aperature  of  the  array.  This 
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distributed  architecture  must  physically  and  mechanically 
accommodate  the  active  circuits  as  close  to  the  array  element  as  possible 
in  order  to  achieve  the  optimum  system  performance.  While  recent 
work  has  extended  the  performance  of  Monolithic  Microwave 
Integrated  Circuits  (MMICs),  development  of  supporting  technology  has 
lagged.  It  can  be  shown  in  many  applications  that  the  distribution 
networks,  feed  networks,  and  most  importantly,  the  antenna  elements 
are  constraining  the  performance  enhancements  associated  with  the 
use  of  MMIC  components.  The  inability  of  most  antenna  element 
structures  to  achieve  wide  operating  bandwidths  and  still  be  conducive 
to  the  electrical  and  mechanical  requirements  of  MMIC  integration  is  a 
major  problem  in  higher  frequency  systems. 

This  work  has  developed  a  subarray  of  parasitic  patch  antennas  which 
can  be  used  as  a  basic  building  block  element  for  a  larger  array.  The 
parasitic  subarray  makes  use  of  the  natural  integration  of  the  planar 
microstrip  patch  antenna  and  the  planar  strip  transmission  lines  used 
in  the  feed  networks  and  associated  active  circuits.  In  addition,  the  use 
of  parasitic  patch  antennas  improves  the  gain  and  bandwidth  over 
single  element  microstrip  patches  and  reduces  the  complexity  of  the 
corporate  feed  structure.  Similar  developments  of  these  structures  at  S- 
band  and  X-band  frequencies  have  demonstrated  bandwidth 
improvements  of  3:1  when  compared  to  single  patch  antennas.  The 

application  of  this  antenna  architecture  at  Ku,  K,  and  Ka  bands  will 
allow  a  single  array  to  operate  in  a  full-duplex,  frequency  division 
multiple  access  (FDMA)  communication  system  or  in  a  wideband 
"chirped"  radar. 

2.0  SYSTEM  APPLICATIONS 

This  parasitic  array  configuration  will  be  demonstrated  in  a  space 
debris  detection  and  tracking  radar  system  feasibility  design.  The 
Debris  Radar  System  that  triggered  the  need  and  provided  the 
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justification  for  this  work  was  described  in  detail  in  a  previous  paper.^ 
We  summarize  here,  for  completeness,  some  of  its  architectural 
ingredients  and  required  specifications. 

2.1  System  Block  Diagram 


A  block  diagram  of  the  radar  system  is  given  in  figure  2. 


Figure  2:  Debris  Radar  System  Block  Diagram 
The  purpose  of  this  radar  system  would  be  to  provide  the  necessary 
detection  and  tracking  information  to  allow  auxiliary  systems  to  protect 
the  critical  areas  of  the  Space  Station  "Freedom"  from  the  dangerous 
collision  impacts  with  orbital  debris.  A  feasibility  radar  system  was 
therefore  devised  which  shall  easily  be  adaptable  to  perform  the 
necessary  proof  of  concept  in  different  test  environments.  The  decision 
to  use  a  phased  array  antenna  for  the  Debris  Radar  System  followed 


254 


..from  the  need  for  high  beam  scanning  speeds  and  good  maintainability 
over  long  periods  of  time. 

The  smallness  of  the  radar  cross  section,  the  high  velocities  relative  to 
the  space  station,  and  the  large  scan  regions  for  the  debris  detection 
and  tracking  made  the  optimal  design  of  the  antenna  subsystem  of 
extreme  importance. 

2.2  Antenna . Sy.s.tgm__C.Q,i\s i.d smion  s. 

Power  budget  requirements  would  apparently  ask  for  as  large  an 
antenna  as  possible.  This  would  imply,  however,  increasing  the 
number  of  subarrays  and  power  amplifiers  and  therefore,  the  costs.  A 
large  antenna  would  also  lead  to  a  sharper  beamwidth  and  this  will 
require  an  increase  in  the  scan  rate  needed  for  providing  the  system 
with  the  necessary  time  to  process  the  information  provided  by  the 
detected  echoes.  Alternatively,  one  could  try  to  increase  the  detection 
range  for  this  purpose.  An  increase  in  range  will  require  a  significant 
increase  in  the  "power  budget"  of  the  system.  This  increase  in  power 
budget  could  be  achieved  by:  a)  increasing  the  size  of  the  antenna,  b) 
increasing  the  power  supplied  to  its  subarrays  or  c)  increasing  the 
sensitivity  of  the  receiver.  Increasing  the  sensitivity  of  the  receiver 
will  require  pulse-integration,  or  an  increase  in  the  number  of  echoes 
that  can  be  obtained  per  beam  position.  An  increase  in  the  number  of 
''hits"  per  beam  position  will  actually  require  either:  a)  a  slow  down  in 
the  scanning  rate  or  b)  an  increase  in  the  beamwidth:  (i.e.,  a  smaller 
antenna,  but  a  poorer  possible  tracking  resolution). 

The  antenna  system  described  in  this  paper  provides  a  possible  solution 
to  the  above  conflicting  requirements.  It  will  be  of  a  modular 
architecture  with  each  module  being  based  on  3  to  6  subarrays  and 
independently  controlled  by  a  microprocessor  using  some  prestored 
phase  shifting  and  other  necessary  control  sequences.  This  will  save  on 
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the  otherwise  large  amount  of  cabling  needed  and  reduce  weight  and 
complexity.  Also,  such  a  distributed  modular  approach  will  provide  the 
system  with  a  more  robust  performance,  with  only  gradual 
performance  degradation. 

3.0  SUB  ARRAY  DEVELOPMENT 

3.1  Concept 

Antenna  elements  used  in  arrays  must  have  the  following 
characteristics  known  or  specified  before  the  system  architecture  can 
be  determined: 

Gain  (dBi)  compared  to  isotropic  radiator 
Bandwidth  (%)  usually  specified  by  2.0: 1.0  VSWR 
Radiation  Pattern  (Beamwidth  and  sidelobe  response) 

Although  these  characteristics  are  used  to  describe  the  antenna 
element,  they  depend  also  on  the  particular  feeding  circuit  used  to 
launch  the  electromagnetic  energy  into  the  radiator.  At  frequencies 
greater  than  15  GHz,  the  interconnection  between  the  active 
components  and  the  antenna  radiators  becomes  an  integral  part  of  the 
active  array  system  and  its  performance. 

The  antenna  design  for  the  Orbital  Debris  Radar  System  consists  of 
planar  microstrip  patch  elements  for  the  individually  controlled 
subarrays.  Each  subarray  has  3  antenna  elements  consisting  of  3 
rectangular  patches,  the  center  patch  is  directly  fed  and  the  two 
adjacent  patches  radiate  the  coupled  energy.  This  arrangement,  known 
as  parasitic  microstrip  arrays,  improves  the  gain  and  bandwidth  over 
single  element  microstrip  patches  and  reduces  the  number  of  active 
components.  Figure  3  shows  the  layout  of  a  three  patch  parasitic 
element. 
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Figure  3:  A  Typical  Layout  of  a  Three 
Patch  Parasitic  Element 


3.2  Center-fed  Patch  Design 

The  main  areas  of  concern  in  the  design  of  the  parasitic  element  are  the 
rectangular  patch  size,  the  feed  design  and  location,  and  the  parasitic 
patch  spacing.  The  physical  size  of  the  microstrip  patch  has  the 
geometry  as  shown  in  Figure  4.  Several  parameters  that  affect  the 
length  (L)  and  width  (W)  of  the  patches  are: 
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1) 

substrate 

dielectric  thickness 

2) 

substrate 

relative  dielectric  constant 

3) 

resonant 

frequency 

fr=  14.5  GHz 


For  a  rectangular  patch  of  geometry  shown  in  figure  4,  the  formulas 
used  in  the  design  are  as  follows: 


\y  —  C  1 

2  fT  V  2 


L  = 


-_C 


2frV^ 


2A1 


(1) 

(2) 


where:  c  =  Speed  of  Light 

2r  =  Relative  Dielectric  Constant 
fr  =  Resonant  Frequency 
2e  =  Effective  Permitivity 
Al  =  Fringing  length  line  extension 
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h  =  height  of  substrates 


and 


Al-011>  +  °-3>g+°'264) 

h  fe,  0.258)  W-  +  0.8) 


(3) 


(4) 


The  resonant  frequency  of  the  single  patch  element  is  to  be  14.50  GHz 
and  will  be  fabricated  on  a  10  mil  thick  substrate  (.010  inch)  of 
dielectric  constant  2.21.  These  parameters  yield  a  rectangular  patch  of 
length  268.9  mils  and  width  321.5  mils. 

The  feed  topology  for  the  array  is  a  coaxial  pin  launched  from  the  back 
side  of  the  substrate.  This  type  of  launch  provides  a  stable  mechanical 
design  for  the  system  but  introduces  electrical  interface  discontinuities 
into  the  patch.  From  previous  results  *  the  location  of  a  single  patch 
element  feed  is  approximately  0.3W  (W  =  width),  however,  the  resultant 
input  impedance  reduction  due  to  the  parasitic  elements  will  cause  a 
modification  in  the  location  to  between  0.15W  to  0.20W.  Figures  5  and  6 
show  the  measured  return  loss  and  radiation  pattern  for  the  single 
patch.  The  resonant  frequency  is  3  per  cent  low,  as  can  be  seen  by  the 
measured  results.  Adjustment  in  the  length  (L)  was  made  to  move  the 
frequency  to  14.3  GHz.  It  has  been  shown  in  previous  work  1  that  the 
resonant  frequency  of  the  single  patch  will  shift  higher  when  coupled 
to  adjacent  parasitic  patches,  therefore,  a  single  patch  resonant 
frequency  of  14.3  GHz  will  yield  the  desired  parasitic  resonance 
frequency. 
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Figure  5:  Input  Return  Loss 
of  Single  Patch 


Figure  6:  Radiation  Pattern 
of  Single  Patch 


The  parasitic  group  as  shown  in  figure  3  consists  of  a  3-patch  linear 
array  with  the  center  patch  being  directly  fed.  The  two  parasitic 
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patches  are  coupled  to  the  non-radiating  edges  of  the  center  patch  and 
were  initially  spaced  at  0.05  wavelengths  (0.05A.)  .  The  return  loss  and 
radiation  pattern  of  this  parasitic  structure  is  shown  in  figures  7  and  8. 
As  can  be  seen  in  the  plots,  the  parasitic  group  resonant  frequency  is 

l 

higher  than  that  of  the  single  patch,  however,  the  radiation  pattern 
shows  an  undesired  null  at  the  antenna  boresight.  Subsequent  parasitic 
patch  spacings  showed  that  the  radiation  pattern  could  be  manipulated 
to  give  various  responses.  Of  particular  interest  could  be  the  result  of 
figure  9  which  shows  an  absolute  boresight  null  at  a  spacing  of  .040 
inches.  This  phenomenon  leads  to  the  assumption  that  specific  desired 
radiation  patterns  may  be  taylored  to  an  antenna  by  use  of  the  parasitic 
structure.  This  phenomenon  was  not  pursued  by  this  project,  but  is 
mentioned  here  for  reference. 

The  empirical  tuning  of  the  parasitic  structure  included  adjustment  in; 
patch  length  for  both  the  fed  and  coupled  patches,  parasitic  spacing, 
and  the  feed  location.  The  gap  spacing  between  the  fed  and  two 
parasitic  patches  was  varied  from  190  to  4  mils.  At  190  mils  the  radiation 
pattern  was  approximately  the  same  as  a  single  patch.  As  the  gap 
spacing  became  smaller,  a  dip  began  to  form  in  the  radiation  pattern  at 
boresight.  A  spacing  of  40  mils  realized  a  deep  null.  Between  40  to  4 
mils,  three  lobes  were  observed  on  the  radiation  pattern  with  the  center 
lobe  at  boresight  becoming  higher  with  smaller  spacing.  However, 
adequate  patterns  were  not  achieved. 

Radiation  patterns  were  recorded  at  numerous  frequencies  to  help 
discern  if  gap  spacing  was  a  function  of  wavelength  or  the  substrate 
height.  The  results  of  this  testing  showed  the  element  to  radiate  the 
desired  pattern  shape  between  13.7  and  14.0  GHz.  In  an  effort  to  shift 
this  frequency  up  to  the  desired  14.5  GHz,  the  parasitic  patches  were 
trimmed.  The  desired  pattern  was  achieved  after  30  mils  was  removed 
from  the  radiating  edge  of  each  parasitic  patch.  Once  the  desired 


radiation  pattern  was  acheived,  the  feed  location  was  moved  closer  to 
the  edge  so  that  an  adequate  2:1  VSWR  bandwidth  was  realized. 

3.4  Mechanical  Design 

The  mechanical  design  of  the  subarray  must  allow  three  parasitic  patch 
elements  to  be  fed  from  one  transmit/receive  unit.  The  required  feed 
structure  must  split  the  signal  into  3  paths  of  equal  amplitude  and 
phase.  Figure  10  shows  a  block  diagram  of  the  feed  network  and 
antenna  connection. 

The  connection  to  the  microstrip  patch  from  the  microstrip  feed 
network  is  made  via  a  mounting  plate  with  a  glass  coaxial  K-connector 
bead.  This  can  be  viewed  in  figure  11  which  shows  a  cross  section  of  the 
mounting  plate  with  the  K-connector  bead.  The  design  allows  complete 
electrical  testing  apart  from  the  feed  board  or  antenna  board  by  sliding 
connector  shells  over  the  protruding  pins. 

The  subarray/feed  assembly  and  the  transmit/receive  unit  arc 
configured  as  shown  in  figure  12.  The  complete  module  is  front  loaded 
into  the  system  chassis  and  has  a  center  plate  area  for  air  flow  cooling 
of  the  components. 

4.0  SUBARRAY  PERFORMANCE  RESULTS 

Electrical  testing  of  the  subarray  and  feed  network  assembly  has  been 
completed.  The  methodology  was  such  that  each  part  of  the  assembly 
could  be  individually  tested  and  characterized  for  performance. 


4.1  Ffi&d .  NsiWOlk 

The  results  of  the  3-way  feed  network  measurements  are  shown  in  table 
4.1. 
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Figure  10:  Feed  Network 
Block  Diagram 


Figure  11:  Cross  Section 

of  Antenna/Feed 
Mounting  Plate 


Parameter 

Measured 

Port 

1 

2 

3 

Common 

Return  Loss 

15.6  dB 

14.7  dB 

15.8  dB 

20  dB 

Insertion  Loss 

5.2  dB 

7.2  dB 

6.8  dB 

Transmission  Phase 

135.71  0 

140.13° 

146.84° 

Table  4.1:  3-Way  Feed  Performance  at  14.5  GHz 

These  measurements  show  that  the  amplitude  and  phase  balance 
between  the  feed  ports  are  2  dB  and  11  degrees  respectively.  Further 
iteration  on  this  network  should  improve  these  to  0.5  dB  and  5  degrees. 

4.2  Parasitic  Element 

The  three  parasitic  elements  in  the  subarray  were  individually  tested 
for  VSWR,  gain  and  radiation  pattern.  Table  4.2  shows  the  results  of  the 
measured  performance.  These  measurements  show  an  inci eased  gain  of 
approximately  3  dB  from  the  single  fed  patch.  The  impedance  bandwidth 
of  a  typical  parasitic  element  is  shown  in  figure  13.  The  bandwidth  can 
be  increased  by  further  adjustment  of  the  feed  location  to  move  the  plot 
down  and  to  the  left  on  the  Smith  Chart. 

4.3  Subarray 

The  integrated  subarray  consisted  of  3  parasitic  elements  and  the  3-way 
feed  network.  Figure  14  shows  the  input  return  loss  of  the  common  port 
of  the  feed  network  with  the  antenna  elements  loading  the  output  ports. 
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Parameter 

Measured 

Parasitic  Element 

Frequency  of 
Measurement 

1 

2  ' 

3 

Return  Loss 

17.3  dB 

18.1  dB 

17.4  dB 

14.5  GHz 

Gain 

9.2  dB 

9.3  dB 

9.0  dB 

14.5  GHz 

Beamwidth  (3  dB) 

54° 

49  0 

56  0 

14.2  GHz 

52° 

48° 

54  0 

14.5  GHz 

45p 

,  44.0 

49  0 

-14.8  GHz 

2:1  VSWR 

Bandwidth 

6% 

2% 

6% 

Table  4.2:  Parasitic  Element  Performance 


Su  2 

REF  1.0  Unit* 

£  200.0  mUnita/ 

V  39.707  0  -6. 5684  0 


START  12.000000000  GHi 
STOP  17.000000000  GHi 


Figure  13:  Typical  Input  Impedance  of  a  3-Patch  Parasitic  Element 


Figure  15  shows  the  measured  radiation  pattern  of  the  subarray 
assembly  at  14.5  GHz  and  table  4.3  shows  a  complete  summary. 
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Measurement 

Frequency 

Return 

Loss 

Gain 

Beam 

Width 

14.2  GHZ 

11.2  dB 

13  dB 

19° 

14.5  GHz 

17.0  dB 

12.8  dB 

20° 

14.8  GHz 

11.6  dB 

12  dB 

19.5° 

Table  4.3:  Subarray  Performance 


5.0  DISCUSSION 

The  3  patch  parasitic  element  layout  which  achieved  the  desired 
performance  was  empirically  determined  from  an  initial  design 
approach.  Although  no  analysis  or  synthesis  program  has  been  written 
to  predict  and  verify  the  results,  some  basic  guidelines  have  been 
discerned.  These  design  guidelines  for  a  linear  three  patch  parasitic 
array  include: 

1)  The  fed  center  patch  should  resonate  approximately  two 
to  three  per  cent  below  the  desired  parasitically  coupled 
resonant  frequency. 

2)  The  feed  point  of  the  single  fed  patch  will  decrease  in 
resistance  when  the  patch  is  parasitically  coupled. 

Therefore,  the  feed  location  will  move  toward  the  edge 
for  input  matching  of  the  parasitic  layout. 

3)  For  widening  the  impedance  bandwidth  and  preserving 
the  integrity  of  the  clement  radiation  pattern,  the 
parasitic  patches  should  have  a  length  (L)  dimension  five 
to  ten  per  cent  Ices  than  the  fed  patch. 
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4)  The  determination  of  the  parasitic  patch  spacing  should 
be  based  on  the  ratio  of  spacing  to  dielectric  substrate 
height  (S/H).  Typical  values  of  the  parasitic  spacing  to 
dielectric  height  ratio  should  be  between  0.3  to  0.1. 

5)  The  parasitic  element  impedance  bandwidth  is  greater 

for  thicker  dielectric  substrates.  In  addition,  fewer 
radiation  pattern  anomalies  are  observed  on  thicker 

substrates  (i.e.  smaller  S/H). 

6.0  CONCLUSION 

It  has  been  demonstrated  by  experimental  fabrication  and  testing  that  a 

three  patch  parasitically  coupled  arrangement,  with  the  center  patch 

directly  fed,  can  obtain  higher  gain,  narrower  beamwidth  results  when 
compared  to  a  single  patch  element  at  Ku-band.  Other  benefits  realized 
with  this  structure  include  a  3:1  increase  in  impedance  bandwidth  and 
an  increase  in  backplate  circuit  area,  which  can  be  directly  configured 
to  MMIC  integration.  Three  of  these  parasitic  elements  have  been 
configured  as  a  building  block  subarray  to  be  used  in  a  larger  active 
array  system.  The  ability  of  this  configuration  to  enhance  the 
microstrip  patch  performance  at  microwave  and  millimeter-wave 
frequencies,  make  it  one  of  the  few  antenna  elements  applicable  to  a 
fully  printed-circuit  active  array. 

The  successful  implementation  of  these  antenna  structures  and  their 
ability  to  realize  the  MMIC  benefits,  demands  that  work  be  done  to  model 
and  understand  the  coupling  mechanisms.  It  is  envisioned  that  a 
computer-aided  design  synthesis  program  could  be  used  to  design  such 
parasitic  arrays  without  the  need  for  numerous  empirical 
interpolations. 
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Abstract — Monolithic  horn  arrays  consist  of  arrays  of  pyramidal 
horns  etched  into  a  silicon  block.  Dipole  antennas  are  suspended 
on  5  fim  thick  silicon  oxynitride  membranes  approximately  half  way 
down  the  horns.  This  approach  leaves  room  for  low  frequency  con¬ 
nections  and  processing  electronics  on  the  membrane  surface  be¬ 
tween  the  horns.  The  devices  fabricated  in  our  laboratory  are  7x7 
arrays  of  1  A-square  horns  at  93  GHz.  The  horns  have  a  71°  flare 
angle  and  couple  efficiently  to  low  /-number  optical  systems.  This 
paper  discusses  an  optical  system  designed  for  diffraction  limited 
imaging  measurements  with  the  arrays.  A  Miclielson  interferom¬ 
eter  using  a  swept  frequency  klystron  source  is  used  to  measure 
the  amplitude  and  phase  of  the  radiation  reflected  from  a  target. 
We  also  discuss  a  quasi-optical  thin  film  power  density  meter  con¬ 
sisting  of  a  2-square  cm  bismuth  film  on  a  Mylar  membrane.  This 
device  was  developed  to  measure  the  power  incident  on  the  horn 
arrays,  which  is  necessary  for  accurate  efficiency  measurements. 
Aperture  efficiencies  of  approximately  60%  have  been  obtained. 
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l.  Introduction 


The  aim  of  the  horn  imaging  array  program  at  Caltech  is  to  develop 
an  efficient,  monolithic  imaging  array  sensor  for  frequencies  up  to  1  THz. 
Applications  of  these  arrays  include  remote  sensing  through  fog,  smoke  and 
dust  which  is  opaque  to  optical  and  infrared  radiation,  astrophysical  mapping 
of  regions  of  star  formation  in  the  galaxy,  atmospheric  sensing  of  pollutants, 
for  example,  ozone  and  CIO,  and  in  plasma  diagnostics. 

The  devices  consist  of  arrays  of  square  pyramidal  horns  etched  into  a 
silicon  block 1 .  Half  way  down  each  horn,  a  membrane  of  silicon  oxynitride  a 
few  microns  thick  is  grown  across  it.  Antennas,  detectors  and  other  circuitry 
are  fabricated  on  the  membrane.  Incoming  radiation  is  concentrated  by  the 
horn,  received  by  the  antennas  and  fed  to  the  detectors.  One  advantage 
of  using  this  configuration  is  that  the  membrane  is  so  thin  compared  to 
a  wavelength  that  the  antennas  radiate  as  if  they  were  in  free  space,  and 
coupling  to  substrate  modes  is  avoided.  Figure  1  shows  a  93  GHz  horn  array. 
The  horn  apertures  are  1 A  across.  The  horns  are  fabricated  using  anisotropic 
etching  with  ethylene-diaminepyrocatechol  solution  which  naturally  forms 
pits  bounded  by  the  (1,1,1)  crystal  planes  of  the  silicon.  This  gives  a  horn 
flare  angle  of  71°.  The  membrane  is  fabricated  by  PECVD  from  silane, 
nitrous  oxide  and  ammonia  gases.  A  layer  of  the  oxynitride  is  grown  on  the 
wafer,  and  the  wafer  etched  to  leave  the  free-standing  membrane.  The  horns 
are  built  up  from  a  number  of  wafers  stacked  and  glued  together.  There  is 
a  large  amount  of  space  on  the  membrane  between  the  individual  horns  for 
fabrication  of  mixing  and  IF  circuitry.  This  can  be  produced  at  the  same 
time  as  the  antennas  are  defined.  The  antennas  on  the  membrane  surface 
are  nominally  half-wave  dipoles.  Recently,  experiments  have  been  conducted 
to  determine  the  effect  of  different  antenna  lengths  on  array  performance. 
Bismuth  microbolometers  are  used  as  detectors  for  efficiency  experiments 
as  they  can  be  calibrated  in  terms  of  absolute  power.  A  quarter  wavelength 
section  of  coplanar  line  acts  as  a  low  pass  filter  and  prevents  loss  of  millimeter- 
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Figure  1.  A  93  GHz  horn  imaging  array. 

wave  power  to  the  bias  circuit.  Experiments  have  also  been  conducted  using 
beam-lead  diode  detectors.  These  are  bonded  to  the  membranes  with  gold 
epoxy. 

The  antenna  patterns  of  the  array  elements  are  quite  wide,  due  to  the 
large  horn  flare  angle.  The  3  dB  widths  of  patterns  taken  with  0.235  A  anten¬ 
nas  and  bolometers,  are  50°  and  60°  in  the  E-  and  H-planes  respectively2. 
This  produces  optimum  array  coupling  to  f/0.7  optical  systems.  Antenna 
patterns  recorded  with  beam-lead  diodes  and  0.2  A  antennas  exhibit  50°  3  dB 
widths  in  both  planes.  These  patterns  are  very  satisfactory  for  an  imaging 
array. 

2.  Efficiency  Measurements 

The  aperture  efficiency  of  an  individual  element  is  defined  as  the  ratio  of 
the  power  received  in  the  detector,  to  the  power  incident  on  the  aperture  of 
the  horn  when  the  device  is  illuminated  by  a  plane  wave.  This  is  measured 
using  an  all  DC  technique  requiring  no  frequency  response  or  conversion 
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factors.  The  millimeter-wave  power  density  in  the  plane  of  the  array  is 
measured  using  a  thin  film  quasi-optical  power  density  meter  discussed  in 
Section  3. 


-Element 

Length 

Resistance 

Efficiency 

1 

0.20  A 

86  O 

57% 

2 

0.20  A 

119  o 

57% 

3 

0.20  A 

97  n 

67% 

4 

0.25  A 

83 

12% 

5 

0.25  A 

740 

11% 

6 

0.25  A 

830 

12% 

Prev. 

0.235  A 

100  O 

44% 

Table  1.  Aperture  efficiencies  of  horn  elements  incorporating  antennas  of 
different  (half)  length.  Recent  measurements  are  compared  with  prevoius  data. 

Table  1  gives  the  result  of  recent  aperture  efficiency  measurements.  Re¬ 
sults  are  given  for  three  different  antenna  lengths,  (the  half-length  of  the 
antenna  is  specified).  Each  configuration  has  a  different  mismatch  loss  be¬ 
tween  the  antenna  and  detector.  The  aperture  efficiency  of  the  elements  with 
0.2  A  antennas  is  approximately  60%,  and  that  with  0.235  A  antennas  is  44%. 
The  efficiency  of  elements  with  0.25  A  antennas  is  about  10%.  This  antenna 
may  have  a  large  inductance  as  the  antenna  ends  are  very  close  to  the  met¬ 
allized  horn  sidewalls.  Measurements  performed  at  7  GHz  on  a  model  of  the 
horn  array  indicate  that  the  0.2  A  antenna  should  be  resonant  in  the  horn. 

Table  2  gives  the  power  loss  mechanisms  in  the  horn  arrays.  The  largest 
components  are  mismatch  loss  and  sidewall  loss.  The  mismatch  loss  arises 
from  the  impedance  mismatch  between  the  antenna,  which  has  an  impedance 
of  50  ft  ,  and  the  100  O  bolometer.  The  sidewall  losses  are  due  to  conduction 
currents  induced  in  the  silicon  walls  of  the  horn  by  the  incoming  radiation. 
Most  of  the  walls  are  coated  with  gold  but  the  walls  in  the  neighborhood  of 
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the  membrane  were  not  coated  when  these  measurements  were  performed. 
Other  minor  losses  include  pattern  loss  (taper  loss  of  the  horn),  loss  to  the 
cross  polarized  component  and  coupling  loss  to  adjacent  horns.  These  give 
a  total  calculated  loss  of  1.8  dB,  close  to  the  measured  2.2  dB  (60%).  There 
is  further  scope  for  improvement.  We  will  try  to  reduce  the  mismatch  and 
sidewall  losses. 


Intrinsic  Pattern  Loss 

-0.2  dB 

Mismatch  Loss 

-0.6  dB 

Horn-Sidewall  Loss 

-0.7  dB 

Cross-Polarization  Loss 

-0.2  dB 

Horn-to-Horn  Coupling  Loss 

-0.1  dB 

Total  Calculated  Loss 

-1.8  dB 

Total  Measured  Loss 

-2.2dB 

Table  2.  Loss  processes  in  the  horn  arrays. 

3.  Large  Area  Bolometer 

The  large  area  bolometer  is  a  simple  design  consisting  of  a  metal  film  on 
a  membrane  effectively  suspended  in  free  space 3 .  There  are  no  windows  or 
thick  substrate,  no  chopping  of  the  signal  is  required,  and  the  device  is  easy 
to  fabricate.  Calibration  is  performed  with  DC  measurements.  The  primary 
application  for  this  device  is  absolute  power  calibration  for  antenna  efficiency 
measurements.  The  bolometer  is  shown  in  Figure  2. 

To  fabricate  the  device,  a  thin  bismuth  film  was  evaporated  through  a 
metal  mask  onto  the  Mylar  until  the  DC  resistance  of  the  2  cm  square  was 
189  fl  (250  A  thick).  The  geometry  of  the  device  allows  for  a  four-point 
measurement  which  eliminates  the  resistance  in  the  ohmic  contacts.  The 
biasing  contacts  are  offset  from  the  voltage  sensing  leads.  Continuous  flow 
of  the  DC  current  is  in  the  same  direction  as  the  millimeter  wave  induced 
currents  in  the  effective  measuring  area.  The  bolometer  is  much  thinner  than 
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a  wavelength  at  millimeter  wavelengths,  resulting,  in  a  surface  impedance  the 
same  as  the  DC  resistance.  This  maximizes  the  amount  of  absorbed  power 
relative  to  the  incident  power  without  the  use  of  a  back-shorting  mirror.  The 
absorption,  coefficient  may  be  calculated  from  a  transmission  line  equivalent 
circuit  For  a  surface  resistance  of  189  fl/sq,  the  absorption  coefficient,  a  = 
0.5.  The  bolometer  is  embedded  in  styrofoam  to  prevent  disturbance  by  local 
air  currents.  The  attenuation  at  93  GHz  in  the  styrofoam  is  imperceptible, 
while  thermal  radiation  (from  human  bodies)  is  blocked.  By  placing  the 
structure  in  an  absorbing  pyramidal  housing,  reflections  and  other  unwanted 
signals  are  minimized. 

We  calibrate  the  power  density  meter  at  DC  by  measuring  the  resistance 
as  a  function  of  DC  power  applied,  and  the  slope  determines  the  responsivity 
of  the  bolometer  in  ohms  per  watt.  Measurements  are  made  by  determining 
the  resistance  without,  then  with,  the  millimeter  wave  power  incident  We 
can  assume  that  the  change  in  resistance  due  to  the  addition  of  millimeter 
wave  power  is  the  same  as  that  due  to  the  addition  of  DC  power,  so  the 
difference  in  the  resistance  under  each  condition  and  the  slope  of  the  R-P 
plot  will  accurately  give  the  millimeter  wave  power  applied. 


Convection  and 
IR  shields 


Beam  dump 


Thin  film  bolometer 
on  mylar  membrane 


Figure  2.  The  large  area  bolometer  power  density  meter. 
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Figure  3.  Signal  recorded  by  a  large  area  bolometer  power  meter  during  an  aper¬ 
ture  efficiency  measurement.  The  millimeter-wave  beam  was  alternately  blocked 
and  unblocked  with  absorber.  The  resistance  drift  is  removed  by  subsequent  pro¬ 
cessing. 

Power  density  was  measured  at  a  fixed  distance  from  a  klystron  source. 
Figure  3  shows  the  time  response  to  turning  the  millimeter  waves  on  and  off 
over  four  cycles.  By  subtracting  the  downward  slope  caused  by  bolometer 
drift,  one  can  obtain  the  power  absorbed  by  the  bolometer.  We  have  mea¬ 
sured  absolute  power  densities  of  0.5  mW/cm2  to  an  estimated  accuracy  of 
2%. 


4.  Imaging 

We  hope  to  demonstrate  diffraction  limited  imaging  of  incoherent  objects 
using  coherent  sampling.  There  is  presently  some  debate  as  to  the  validity 
of  this  idea,  which  is  important  for  millimeter-wave  imaging  systems4’5.  We 
believe  that  the  image  of  an  incoherent  object  can  be  reconstructed  by  sam¬ 
pling  at  the  Nyquist  spacing  for  the  electric  field  (which  is  twice  that  for 
the  intensity)  provided  that  the  sampling  and  interpolation  is  performed 
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Object 


Coherence  Destroyer 


Figure  4.  The  optical  system  for  imaging  array  measurements, 
instantaneously. 

The  optical  system  for  the  experiment  is  shown  in  Figure  4.  The  ad¬ 
vantage  of  this  configuration  is  that  a  low  IF  frequency  may  be  produced 
electronically  from  the  93  GHz  source6.  If  a  ramp  voltage  is  applied  to  the 
klystron  reflector  grid,  a  low  frequency  IF  may  be  generated  on  the  array. 
This  is  because  the  beams  returning  from  the  two  interferometer  arms  to  the 
beamsplitter  have  different  frequencies  due  to  the  different  travel  times  down 
the  long  and  short  arms.  The  coherence  destroyer  shown  in  the  short  arm 
oft  he  interferometer  is  used  to  provide  incoherent  illumination  of  the  object 
when  desired.  To  record  an  image,  a  multiplexer  circuit  selects  the  first  array 
element.  The  voltage  across  the  bolometer  is  fed  to  a  two-phase  lock  in  am¬ 
plifier  which  detects  the  magnitude  of  the  signal  and  its  phase  with  respect 
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I  Two  reflecting 
targets  in  phase 


Two  reflecting 
targetsout 
of  phase 


Figure  5.  Measurements  of  the  reflection  coefficient  of  two  illuminated  copper 
strips  when  the  reflections  are  in,  and  out  of,  phase.  These  data  are  one  dimensional 
scans  across  the  millimeter-wave  beam. 

to  the  reflector  ramp.  These  are  recorded  by  the  computer  and  the  process 
repeated  until  the  entire  array  has  been  read.  This  gives  a  two-dimensional 
plot  of  the  object  reflection  coefficient. 

Calibration  techniques  for  this  imaging  system  have  been  developed.  The 
calibration  procedure  is  analogous  to  that  for  a  microwave  reflectometer.  The 
system  is  modelled  as  an  ideal  reflectometer  connected  to  a  two-port  error- 
network  which  is  connected  to  the  (one  port)  device  under  test.  The  system 
output  is  measured  when  the  device  under  test  is  replaced  by  a  short,  an 
open  circuit  and  a  matched  load,  and  the  scattering  parameters  of  the  ficti¬ 
tious  error  network  determined.  These  are  then  used  to  correct  the  observed 
reflection  coefficient  when  measuring  an  unknown  device.  For  an  optical  sys- 
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tem,  the  equivalent  of  a  short  is  a  mirror,  the  equivalent  of  an  open  circuit  is 
a  mirror  displaced  by  A/4  and  the  equivalent  of  a  matched  load  is  a  sheet  of 
absorber.  The  calibration  procedure  must  be  applied  at  the  position  of  each 
array  element.  We  have  implemented  this  procedure  using  a  diode  detector 
scanned  across  the  beam  in  one  dimension.  We  will  commence  sampling 
measurements  with  the  system  soon. 

5.  Future  Work 

We  want  to  increase  the  efficiency  of  the  arrays  still  further  by  better 
impedance  matching  of  the  detector  and  complete  gold  coating  of  the  horn 
walls.  We  will  fabricate  and  test  a  back-to-back  array  (containing  horns 
looking  in  opposite  directions  from  the  same  silicon  block)  and  investigate 
low-loss  mixer  configurations.  We  will  also  perform  the  imaging  experiment 
to  demonstrate  reconstruction  of  diffraction  limited  images  of  incoherent 
objects  using  coherent  sampling. 


Monolithic  Monolithic 
Oscillator  Multiplier 

Grid  Array 


Horn 

Imaging 

Array 


Figure  6.  Possible  configuration  of  a  millimeter-wave  TV  camera. 
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One  possible  application  of  the  horn  arrays  is  the  millimeter- wave  TV 
camera  shown  in  Figure  6.  The  front  end  sensor  could  be  a  modified  horn 
array  with  elements  facing  in  opposite  directions,  but  sharing  the  same  mem¬ 
brane  wafer.  One  side, would  receive  the  90  GHz  signal  and  the  other  the  LO. 
The  LO  could  be  produced  by  a  monolithic  grid  (under  development  at  Cal¬ 
tech7)  and  a  monolithic  grid  tripler  (UCLA  and  JPL8).  Such  a  camera 
would  be  all  solid  state,  compact  and  light. 
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ABSTRACT 

The  continuing  proliferation  of  threat  radars,  both  airborne  and  surface,  throughout  the 
electromagnetic  spectrum,  coupled  with  the  deployment  of  high-g,  high-velocity  missiles, 
requires  modern  protective  systems  to  cover  both  wide  frequency  bandwidths  and  wide 
ranges  of  aspect  angles.  The  limited  number  of  acceptable  antenna  sites  available  on 
tactical  aircraft  places  a  premium  on  multifunction  (or  shared  aperture)  antenna  systems 
which  can  be  programmed  to  serve  radar  functions  as  well  as  both  electronic  countermea¬ 
sure  (ECM)  and  electronic  support  measure  (ESM)  functions.  Only  phased  arrays  have 
the  requisite  scan  angle  coverage,  frequency  bandwidth,  and  computer-controlled  flexi¬ 
bility  to  meet  the  needs  of  shared  aperture  systems,  while  also  meeting  the  severe  environ¬ 
mental  and  space  limitations  of  tactical  vehicles.  Providing  dual  polarization  capability  in 
the  antenna  aperture  along  with  close  interelement  spacings  can  inci  ease  function  selec- 
tability  and  improve  antenna  performance.  Wide  bandwidth  in  a  dense  aperture  is 
achieved  by  using  printed  circuit  flared  slot  (notch)  antenna  elements  with  flare  lengths 
and  widths  that  are  a  fraction  of  a  wavelength  long.  A  reduction  in  the  number  of  active 
transmit/receive  (T/R)  modules  can  be  achieved  by  subarraying  antenna  elements  in  the 
aperture  while  maintaining  a  close  element  spacing  for  grating  lobe  suppression,  reduced 
active  voltage  standing  wave  ratio  (VSWR)  variation  with  scan,  and  minimization  of 
cross-polarization  radiation  pattern  levels  in  all  planes. 

1.0  INTRODUCTION 

This  paper  will  address  the  problem  of  providing  an  aperture  (array  of  antenna  ele¬ 
ments)  consistent  in  its  operational  bandwidth  and  grating  lobe  requirements  and  config¬ 
urable  as  a  phased  array  of  transmit/receive  (T/R)  modules.  The  requirbu  frequency  cov¬ 
erage  has  progressively  widened  until  the  typical  frequency  bandwidth  now  exceeds  sev¬ 
eral  octaves.  As  the  bandwidth  coverage  increases,  the  types  of  radiating  elements  that 
could  be  considered  have  progressively  decreased.  At  present,  with  frequency  bandwidths 
exceeding  three  octaves,  only  encjfire  elements  such  as  the  log-periodic  antenna  and  the 
exponential  notch  or  flared  slot  can  be  considered  viable  radiating  elements. 
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A  major  limitation  in  aperture  performance  is  the  active  scanning  VSWR  that  the  aper¬ 
ture  presents  to  the  rest  of  the  array.  Aperture  mismatch  (high  active  VSWR)  degrades 
radar  performance  by  introducing  mismatch  and  load  pull  losses  along  with  reflections. 
Solutions  to  this  problem  include  use  of  a  circulator  or  active  matching  networks.  Other 
possible  solutions  include  varying  the  element,  thereby  changing  the  impedance,  and  non- 
uniform  spacing.  One  problem  with  nonuniformly  spaced  elements  in  the  array  is  their 
effect  of  noncommonality  on  the  rest  of  the  antenna  system  (i.e.,  it  might  be  necessary 
for  unique  modules  to  fit  the  nonuniform  spacing).  The  array  active  element  impedance 
presented  to  the  T/R  module  is  determined  by  element  type,  element  size,  element  lattice 
spacing,  frequency  of  operation,  mutual  coupling,  and  beam  scan  angle.  Generally,  the 
reflection  coefficient  of  the  active  antenna  element  increases  with  increasing  scan  angles 
and  .decreases  with  decreasing  element  spacing.  These  reflection  coefficient  changes  can 
be  severe,  especially  at  large  scan  angles  where  the  antenna  impedance  may  present  mis¬ 
matches  corresponding  up  to  a  4.0: 1.0  VSWR,  resulting  in  an  output  power  loss.  The 
approach  for  wideband  array  apertures  is  to  use  closely  spaced  elements  to  reduce  active 
VSWR  variations  with  scan  and  restrict  transmit  and  Bragg  grating  lobes.  The  aperture 
discussed  here  uses  close  element  spacings  (0.19  X.  at  low  end)  to  reduce  active  VSWR 
with  scan  and  restrict  grating  lobes.  An  absorber  load  is  used  between  elements  to  opti¬ 
mize  array  embedded  element  performance  and  eliminate  backlobe  reflections. 

Multifunction  applications  for  phased  array  systems  require  the  aperture  to  possess 
horizontal,  vertical,  circular,  or  full  polarization  diversity  in  a  densely  packed  volume.  A 
mockup  of  a  full  planar  dual  polarized  phased  array  with  over  4,000  discrete  radiating 
elements  is  shown  in.Figure  1.  A  breakaway  view  (Figure  2)  of  the  removable  tray  section 
assembled  into  the  planar  array  illustrates  the  modularity  of  the  design.  A  close-up  of  the 
antenna  element’s  four-channel  T/R  module,  cooling,  and  RF  distribution  is  given  in 
Figure  3.  To  prove  these  types  of  planar  array  concepts,  a  line  array  section  of  the  planar 
array  was  designed  and  fabricated. 

In  these  types  of  phased  arrays,  the  reduced  grating  lobe  requirements  at  the  upper 
frequencies  drive  the  array-element  spacings  closer,  thereby  limiting  the  array-element 
area.  Given  the  reduced  area  and  the  wide  frequency  coverage  needed,  only  endfire 
antenna  elements  can  be  considered.  Two  printed  circuit  antenna  elements  which  meet 
these  requirements  are  the  log-periodic  and  flared  slot  (notch)  antennas.  The  behavior  of 
these  two  elements  has  been  investigated  as  the  element  width  becomes  exceedingly  nar¬ 
row  with  respect  to  the  lowest  frequency  of  operation.  A  printed  circuit  version  of  a 
microstrip  fed  log-periodic  element  which  has  folded  back  arms  to  achieve  a  lower  fre¬ 
quency  of  operation  with  less  than  optimal  (\0/2)  element  arm  lengths  is  shown  in  Fig¬ 
ure  4.  Through  empirical  investigation,  log-periodic  antennas  have  been  found  to  have 
inherent  limitations  when  arrayed,  which  make  them  less  useful  for  planar  phased  arrays. 
First,  because  the  individual  element  arms  occupy  a  large  portion  of  the  total  element 
width,  coupling  interaction  between  adjacent  elements  can  result  in  high  cross-polariza- 
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Figure  1.  Mock  Up  of  Full  Planar  Phased  Array  Antenna 


Figure  2.  Mock  Up  View  Showing  Modular  Section  Design 

tion  pattern.  Second.the  necessity  of  a  closely  confined  element  spacing  (area)  restricts 
the  low  frequency  arm  lengths  beyond  the  point  of  their  optimal  performance  (half-wave¬ 
length).  Fortunately,  the  printed  circuit  stripline  fed  flared  slot  antenna  shown  in  Figure  5 
offers  a  viable  alternative.  While  the  nominal  low  frequency  limitation  of  a  free  space 
half-wavelength  in  element  width  still  exists,  the  reduction  in  performance  at  the  low  end 
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Figure  3.  Breakaway  View  of  Mock  Up 


of  the  frequency  band  is  not  as  severe.  For  flare  lengths  less  than /4  (0.15  k0  in  this 

design)  and  widths  less  than  or  equal  to  X0/2,  the  possibility  of  a  more  resonant  antenna 
exists.  Selection  of  the  array-element  is  based  on  performance  over  the  6.0  to  18.0  GHz 
band.  Of  the  two  element  types,  the  stripline  fed  flared  slot  antenna  has  the  best  perform¬ 
ance  over  the  frequency  band. 

The  printed  circuit  flared  slot  or  notciuantenna  with  a  stripline  feed  has  become  popu¬ 
lar  and  is  extremely  useful  as  a  planar  muitioctave  phased  array-element.  An  overview  of 
the  development  of  the  flared  slot  (notch)  antenna  was  given  by  Povinelli  [1].  The  design 
and  performance  of  wideband  phased-array  apertures  with  as  many  as  1792  elements  and 
192  element  line  array  suited  for  multifunction  planar  array  systems  applications  will  be 
discussed. 


Figure  4,  Microstrip  Fed  Log-Periodic  Antenna  Element  with  Low  Frequency  Folded 

Arms 
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Figure  5.  Printed  Circuit  Flared  Slot  (Notch)  Antenna  Element 


2.0  LATTICE  SELECTION  AND  APERTURE  CONSTRUCTION 

For  70-degree  grating  lobe  free  scanning  at  11.0  GHz  operating  frequency,  the  array 
lattice  must  have  a  maximum  interelement  spacing  of  0.530  inch.  Both  of  these  require¬ 
ments  include  allowance  for  beamwidth.  The  line  array  aperture  phase  center  spacing  was 
selected  at  0.530  inch  with  like-polarized  discrete  element  spacing  of  0.375  inch  for 
Bragg  grating  lobe  restriction.  A  layout  of  the  lattice  is  given  in  Figure  6  showing  the 
intercardinal  (azimuth)  and  principle  planes  (E  and  H)  for  this  aperture.  A  rotated 
square  lattice  was  chosen  to  maximize  on  the  allowable  space  for  the  T/R  module,  coolant 
and  RF  feed. 

The  printed  circuit  antenna  element  used  to  populate  the  aperture  consists  of  a  stripline 
feed  terminating  in  a  radial  stub  crossing  over  to  excite  (couple  energy  to)  a  flared  slotline 
(terminated  in  a  slotline  open  circuit)  etched  on  both  sides  of  the  metallized  ground 
planes  of  the  dielectric  substrates  as  depicted  in  Figure  7.  A  fifty  percent  reduction  in  the 
number  of  transmit/receive  modules  (circuits)  in  the  phased  array  is  achieved  by  subar¬ 
raying  every  two -  like-polarized  elements  with  a  Wilkinson  power  divider  as  shown  in 
Figure  8.  This  figure  shows  the  two-stage  Wilkinson  stripline  power  divider  with  a  radial 
stub  termination  etched  on  one  half  of  the  printed  circuit  element  with  the  other  half 
detailing  the  flared  slot  using  a  modified  Dolf-Tchebycheff  taper  design  (0.15  \0  long  at 
6.0  GHz)  terminated  in  a  slotline  open  circuit.  The  modified  Klopfenstein  (the  Dolf- 
Tchebycheff  transmission  line  taper  is  given  by  Klopfenstein[2])  taper  was  designed  to 
shorten  the  length  of  the  element  flare.  The  subarray  used  in  this  design  is  etched  on  two 
0.020-inch  low  loss  Duroid  substrates  (€,.  =  2.2),  resulting  in  an  overall  element  thick¬ 
ness  of  approximately  0.04  inch.  Two  orthogonal  polarizations  (with  common  phase  cen¬ 
ters)  are  realized  by  joining  (colocating  at  right  angles)  a  pair  of  subarrays  through  use  of 


Figure  6.  Dual  Polarized  Rotated  Square  Lattice 


a  mechanical  slot  cut  in  the  top  of  one  subarray  and  the  bottom  of  the  other  subarray  as 
shown  in  Figure  9.  The  orthogonal  subarray  element  pair  with  common  phase  centers  and 
absorber  loading  on  the  base  is  shown  in  Figure  10.  The  subarray  element  with  the 
colocation  slot  in  the  top  is  designated  as  a  slant  left  polarization  and  the  subarray  with 
the  slot  in  the  bottom  is  the  slant  right  polarization.  This  orthogonal  subarray  element 
(dual  element)  was  then  used  to  populate  the  line  array  aperture  with  full  polarization 
diversity. 


Eight  dual  elements  were  assembled  onto  a  holder  with  push/pull  connectors  as  shown 
in  Figure  11.  The  eight  dual  element  holder  assembly  has  an  inverted  tapered  absorber 
cone  molded  onto  its  base  as  shown  in  Figure  12  to  enhance  the  array  element  perform¬ 
ance.  Six  of  these  bar  assemblies  were  used  to  form  the  48  dual  elements  in  the  active 
portion  of  the  line  array  aperture.  The  active  portion  of  the  line  array  aperture  has  three 
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Figure  9.  Subarray  Element  Pairs  with  Mechanical  Colocation  Slot 


rows  of  terminated  (loaded)  dual  elements  (18  bars)  on  top  and  bottom  and  seven  bars  of 
dual  elements  on  a  side  as  depicted  in  Figure  13.  The  final  line  array  assembled  aperture 
is  shown  in  Figure  14.  A  close-up  view  of  the  line  array  aperture  is  shown  in  Figure  15, 
showing  the  absorber  loading  in  three  of  the  central  rows. 
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Figure  11.  Eight  Orthogonal  Subarray  Element  Pair  Bars  with  Push/Pull  Connectors 


Figure  13,  Schematic  of  Active  Line  Array  Configuration 
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Figure  IS.  Close-Up  View  of  Dual  Polarized  Planar  Line  Array  Aperture 
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3.0  ARRAY-ELEMENT  PERFORMANCE 

Array-element  performance  was  characterized  using  a  central  element  pair  in  the  7  x 
64  dual  element  populated  aperture  [3].  This  performance  is  determined  in  part  by  the* 
mutual 'coupling  between  elements  in  the  array  environment.  A  short  flare  length  (at.  low 
frequencies)  was  used  to  reduce  array  mutual  coupling  interactions  and  to  optimize  array- 
element  patterns.  To  prove  out  the  empirical  design  of  this  dual  element,  an  8  x  8  aper¬ 
ture  was  built  and  completely  characterized  as  a  phased  array  aperture  [1].  The  typical 
passive  return  loss  of  a  slant  right  subarray  is  shown  in  Figure  16  from  2:0  to  20.0  GHz. 
The  array-element  performance  optimization  achieved  with  the  absorber  loading  in  be¬ 
tween*  dual  elements  is  given  for  the  .gain  improvement  of  both  polarization  slants  in  Fig¬ 
ures  .17  and  18  and  for  E-  and  H-plane  beam  width  enhancement  in  Figures  19  through 
22.  The  typical  gain  response  is  shown  in  Figure  23  over  the  6.0  to  18.0  GHz  band  along 
with  the  ideal  theoretical  directivity. 

The  co-  and  cross-polarized  radiation  pattern  performance  for  a  central  dual  element 
in  the  line  array  aperture  was  measured  in  the  two  principal  planes  and  in  the  azimuth 
and  elevation  intercardinal  planes.  The  H-plane  co-  and  cross-polarized  radiation  pat¬ 
terns  for  a  central  slant  right  and  slant  left  polarized  dual  element  is  shown  at  10.0  and 
14.0  GHz  in  Figures  24  and  25.  The  average  3  dB  beamwidth  in  the  H-plane  is  110  de- 
grees,  slightly  less  than  cos0.  Four  typical  E-plane  radiation  patterns  are  given  in  Fig¬ 
ures  26  and  27  for  the  two  subarray  slants.  The  average  3  dB  beamwidth  is  slightly  below 
cos 2  0  due  to  the  element  subarraying  in  the  E-plane.  The  azimuth  intercardinal  co-  and 
cross-polarized  patterns  for  the  two  subarray  slants  are  given  in  Figures  28  and  29  at  10.0 

and  14.0  GHz.  The  average  3  dB  beamwidth  is  better  than  cos20.  Intercardinal  eleva¬ 
tion  plane  patterns  are  shown  in  Figures  30  and  31  for  the  two  slants.  Overall  the  co-p'o- 
larization  radiation  patterns  were  very  symmetric  and  did  not  eichibit  any  holes  or  ripples. 
The  cross-polarization  radiation  patterns  were  at  an  extremely  low  level  (-25  dB  typical) 
not  only  in  the  two  principal  planes  but  in  the  intercardinal  planes  as  well. 


Figure  16.  Embedded  Slant  Right 
Subarray  Passive  Return  Loss 
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Figure  17.  Comparison  of  Embedded  Slant  Right  Subarray  Gain  With  and  Without 

Absorber 


Figure  18.  Comparison  of  Embedded  Slant  Left  Subarray  Gain  With  and  Without 

Absorber 
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Figure  19.  Comparison  of  Embedded  Slant  Right  Subarray  E-Plane  3  dB  Beamwidtk 

With  and  Without  Absorber 
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E-PLANE  3  SB  BEAMWIDTH  COMPARISON 


Figure  20.  Comparison  of  Embedded  Slant  Left  Subarray  E-Plane  3  dB  Beamwidth 

With  and  Without  Absorber 

H-PLANE  3  dB  BEAMWIDTH  COMPARISON 


Figure  21.  Comparison  of  Embedded  Slant  Right  H-Plane  3  dB  Beamwidth  With  and 

Without  Absorber 


H-PLANE  3  dB  BEAMWIDTH  COMPARISON 


Figure  22.  Comparison  of  Embedded  Slant  Left  H-Plane  3  dB  Beamwidth  With  and 

Without  Absorber 
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FREQUENCY  (GHl) 


Figure  23.  Typical  Embedded  Slant  Right  and  Slant  Left  Subarray  Gain 


Figure  24.  Line  Array  Aperture  Embedded  Slant  Right  Subarray  H-Plane  Radiation 

Patterns 


Figure  25.  Line  Array  Aperture  Embedded  Slant  Left  Subarray  H-Plane  Radiation 

Patterns 


Figure  26.  Line  Array  Aperture  Embedded  Slant  Right  Subarray  E-Plane  Radiation 

Patterns 
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Figure  27.  Line  Array  Aperture  Embedded  Slant  Left  Subarray  E-Plane  Radiation 

Patterns 
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Figure  28.  Line  Array  Aperture  Embedded  Slant  Right  Subarray  Intercardinal 
Azimuth-Plane  Radiation  Patterns 


Figure  30.  Line  Array  Aperture  Embedded  Slant  Right  Subarray  Intercardinal 
Elevation-Plane  Radiation  Patterns 


Figure  31.  Line  Array  Aperture  Embedded  Slant  Left  Subarray  Intercardinal 
Elevation-Plane  Radiation  Patterns 


A  simulation  of  active  VSWR  with  azimuth  scan  on. the  line  array  was  performed  using 
a  ^central  row  of  an  8  x  8  arrangement  of  orthogonaTsubarray  element  pairs.  The;  active 
VSWR  with  scan  over  all  radiating  half-space  has  previously  been  investigated  for  this 
type  of  lattice  [1].  Using, the  mutual  coupling  measurements  from  a  central  subarray  ele¬ 
ment-pair  to  all  other,  elements  in  the  central  row  (all  other  rows  terminated  in  50  ohms), 
the  active  VSWR' was  calculated  over  the  6.0  to  18.0  GHz  band  for  azimuth- scan.  The 
method  used  in  this  analysis  is  the  free  excitation  (method)  of  radiating  elements  to  meas¬ 
ure  mutual  coupling  and  calculate  active  VSWR  [4).  Figure  32  shows  the  active  VSWR 
with  azimuth  scan  (+90  degrees)  from  6.0. to  18.0  GHz  for-a  central  slant  right  subarray. 
The  number  of  occurences  for  all  values  of  active  VSWR  from  7.0  to  11.0  GHz  are 
plotted  in  Figure  33  for-  a  60-degree  scan  volume  for  the  central  slant  right  subarray.  The 
mean  active  VSWR  is  a  1.92:1.0  from-7..0.to  11.0  GHz  in  a  ±60  degree  scan.  The  active 
VSWR  with  azimuth  scan  (±90  degrees)  for  the  orthogonal  slant  left  subarray  element  is 
shown  in  Figure  34  from  6.0  to  18.0  GHz.  The  number  of  occurrences  for  all  values  of 
active  VSWR  from  7.0  to  11.0  GHz  in  a  60-degree  scan  volume  are  plotted  in  Figure  35 
for  the  central  slant  left  subarray.  The  mean  active  VSWR  is  1.91:1.0  from  7.0  to 
11.0  GHz  in  a  ±60-degree  azimuth  scan.  The  standard  deviation  in  both  cases  is  below 
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0.61.  Over  the  full  6.0  to  18.0  GHz  band,  the  mean  active  VSWR  is  below  1.93:1.0,  the 
median  is  f.76:1.0,  arid  the  standard  deviation  is  below  0.93  for  the  orthogonal  pair.  The 
active  VSWR  is  particularly  low  even  scanning  out  past  70  degrees  at  11.0  GHz  where  the 
grating  lobe  appears  and  at  frequencies  above  11.0  GHz  where:  the  grating  lobe  comes  in 
from  70  degrees.  At  lower  frequencies  where  the  element  spacing  is  on  the  order  of 
0.19  the  active  VSWR  is  extremely  low  over  the  entire  +90-degree  scan. 
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4.0  LINE  ARRAY  AND  T/R  MODULE  CONSIDERATIONS 


The  active  line  array  was  designed,  built,  and  measured  to  demonstrate  the  azimuth 
scan  characteristics  of  a  full  planar  active -phased  array  and  to  provide  insight  into  the 
design  of  the  next  generation  of  phased  arrays.  The  active  line  array  assembly  shown  in 
Figure  36  consists  of  a  corporate  multilayer  stripline  feed  network,  six  eight-channel 
Transmit/Receive  (T/R)  modules,  a  cooling  manifold,  and  the  dual  polarized  aperture 
consisting  of  192  active  and  1600  terminated  subarray  elements.  The  six  T/R  modules 
feed  the  active  row  of  slant  left  polarized  subarrays.  The  layout  of  the  aperture  showing 
the  connection  of  the  element  bars  with  the  module  arid  the  cooling  manifold  is  given  in 
Figure  13. 


Figure  36.  Assembled  GaAs  Active  Monolithic  Multifunction  Line  Array 

The  array  lattice  spacings  described  previously  limited  the  area  available  for  each  T/R 
circuit  to  0.53  inch  horizontally  by  0.265  inch  vertically.  The  horizontal  dimension  ac¬ 
commodates  the  circuit  and  necessary  module  walls.  The  vertical  dimension  accommo¬ 
dates  the  circuit,  module  housing,  and  cold  plate.  With  this  spacing,  full  polarization 
diversity  is  possible;  that  is,  each  orthogonal  subarray  pair  is  driven  by  two  full  T/R  cir¬ 
cuits. 
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The-eight -channel  T/R  module  is  shown  in  Figure  37.  Each  T/R  circuit  is  laid  out  in  a 
common  leg  configuration.  This  common  leg  design  shares  a  five-bit  phase  shifter,  at¬ 
tenuator,  and  driver  amplifiers  in  transmit  and  receive- -modes  as  shown  schematically  in 
Figure  38-  Each  T/R  circuit  was  constructed  using  four  submodules;  the  Monolithic  Mi¬ 
crowave  Integrated  Circuit  (MMIC)  chips  are  1985  technology.  The  low  noise  amplifier  is 
limited  to  X-band  performance;  all  other  chips  are  designed  for  the  6.0  to  18-0  GHz 
band.  Each  channel  also  incorporates  a  calibration  path  from  the  array  input  to  the  cir¬ 
cuit/radiating  element  interface.  The-eight  inner  module  channel  walls  are  made  up  of  the 
multilayer  stripline  feed  network.consisting  of  the  summation,  difference,  and  calibration 
ports  feeding  the  four  submodules  as  depicted  in  Figure  13. 


Figure  37.  Eight-channel  T/R  Module  with. Sum,  Delta,  and  Calibration  Ports 


Figure  38.  Schematic  of  T/R  Module  Channel  Showing  Common  Leg  Configuration 
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The  RF  and  DC  manifolds  are  organized  into  quadrants,  with  the  upper  two  quadrants 
feeding  one  row  of  slant  right  polarized  subarrays  and  the  lower  quadrants  feeding  the 
other  row  of  slant  left  polarized  subarrays.  Independent  RF  feeds  are  provided  for  sum¬ 
mation  receive/transmit,  difference  receive,  and  calibration  for  each  quadrant.  These 
ports  can  be  interconnected  to  provide  sum  and  difference  for  a  full  array  or  partial 
functions.  The  active  line  array  uses  a  liquid  cooling  plenum  manifold  for  controlling  the 
temperature  of  the  eight  channel  T/R-  modules  containing  the  four  submodules  of 
MMICs.  The  cooling  manifold  is  centered  between  a  top  (slant  right)  T/R  module  and 
bottom  (slant  left)  T/R  module  as  depicted  in  Figure  13  to  maximize  use  of  cooling  sur¬ 
faces. 


5.0  ACTIVE  LINE  ARRAY  PERFORMANCE 

Active  line  array  performance  was  initially  tested  in  the  receive  mode  focusing  on  the 
7.0  to  7.5  GHz  frequency  band.  An  initial  frequency  of  7.3  GHz  was  chosen  for  detailed 
testing  to  develop  amplitude  and  phase  calibration  data  for  different  scan  angles  and 
amplitude  weightings.  After  the  calibration  data  sets  were  obtained,  the  aperture  was  inte¬ 
grated  and  assembled  on  the  line  array  and  tested  on  an  outdoor  antenna  range. 

Only  the  slant  left  polarization  of  the  aperture  is  active  and  the  other  is  terminated  in 
the  configuration  shown  in  Figure  13  and  tested.  The  center  row  of  the  aperture  (as 
depicted  in  Figure  13)  includes  the  active  dual  elements,  while  the  other  dual  elements 
are  all  terminated  in  50  ohms  and  are  included  to  simulate  the  environment  of  a  full 
planar  aperture. 

Lab  calibration  was  carried  out  with  amplitude  and  phase  bounds  of  +0.5  dB  and 
±5  degrees  selected  as  the  alignment  windows.  The  calibration  procedure  consists  of  a 
beam  steering  computer  commanding  the  phase  and  attenuator  state  of  individual  T/R 
circuits  one  at  a  time  with  all  other  T/R  circuits  effectively  off.  The  phase  and  amplitude 
were  determined  by  injecting  the  RF  source  into  the  T/R  module  where  the  antenna 
elements  connect,  and  then  measuring  the  output  of  the  line  array  at  the  receive  summa¬ 
tion  port.  This  calibration  takes  all  circuit  interactions  into  account  except  the  aperture 
effects.  An  iterative  process  of  phase  and  amplitude  adjustments  to  converge  to  the  de¬ 
sired  amplitude  and  phase  responses  (uniform,  Taylor,  Bayliss,  scanned,  etc.)  within  the 
established  amplitude  and  phase  bounds  was  used. 

Antenna  range  radiation  patterns  were  measured  in  the  receive  mode.  Pattern  measure¬ 
ments  were  obtained  over  the  7.0  to  7. 6-QHz :band,  with  primary  emphasis-at  7.3  GHz, 
In  conjunction  with  the  lab  calibrated  conditions,  measurements  were  made  for  uniform, 
Taylor,  and  Bayliss  amplitude  tapers  for  the  broadside  (0°)  and  4.6°  angles.  Additional 
scan  angles  were  investigated,  under  uncalibrated  conditions.  The  majority  of  the  testing 
addressed  the  array  azimuth  intercardinal  plane.  The  pattern  obtained  for  calibrated  0 
scan,  uniform  amplitude  illumination  at  7.3  GHz  is  shown  in  Figure  39. 
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Figure  39.  Collimated  Azimuth  Sum  Pattern  at  0°  Scan  Uniform  Amplitude  at 

7.3  GHz 

The  first  sidelobes  levels  are  less  than  14  dB  and  the  sidelobe  structure  departs  from  a 
sine  x/x  roll-off  in  the  outer  region,  in  which  the  test  environment  (outdoor  chamber 
enclosure)  affects  become  dominant.  The  antenna  gain  is  approximately  22  dB.  The 
cross-polarization  signal  level  is  extremely  good,  being  less  then  -32  dB  down.  The  3  dB 
beamwidth  is  3.6°.  Broadside  patterns  for  the  Taylor  and  Bayliss  amplitude  tapers  are 
shewn  in  Figures  40  and  41.  A  low  amplitude  and  phase  rms  error  for  the  former  is 
evidenced  by  the  lower  inner  region  sidelobes,  the  result  of  a  more  precise  laboratory 
alignment.  Uniform,  Taylor,  and  Bayliss  weighted  patterns  for  a  4.6°  scan  angle  (lab 
calibrations)  are  shown  in  Figures  42  and  43.  Principal  E-plane  patterns  for  the  slant 
right  subarray  are  shown  in  Figure  44  for  uniform  illumination.  An  azimuth  scan  pattern 
for  T9. 9°  is  shown  in  Figure  45,  illustrating  that  the  beam  pointing  angle  correlates  well 
with  the  commanded  angle.  Higher  sidelobe  levels  are  observed  (i.e.,  broadside)  as  ex- 
pectedi  due  to  increased  rms  errors  in  the  uncalibrated  case. 
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Narrowband  swept  gain  measurements  were  also  conducted  for  the  Taylor  amplitude 
illumination.  Gain  is  approximately  3.5  dB  lower  than  that  computed  with  uniform  illumi¬ 
nation,  as  a  result  of  the  additional  dissipative  loss  required  to  fit  the  desired  aperture 
amplitude  taper.  Additional  testing  at  more  frequencies  both  in  transmit  and  receive  are 
needed  to  further  characterize  module  performance. 

6.0  CONCLUSIONS 

Significant  progress  has  been  made  in  the  design  of  dual  polarized  wideband  planar 
phased  array  apertures.  The  aperture  was  constructed  using  a  printed  circuit  flared  slot 
antenna  element  having  a  modified  Klopfenstein  taper  (flare)  a  fraction  of  a  wavelength 
long  with  a  stripline  feed  transmission  line.  The  subarraying  of  elements  in  the  aperture 
directly  decreases  the  cost  of  the  phased  array  by  reducing  the  number  of  T/R  modules 
(circuits)  in  the  array  by  half.  Combination  of  subarrays  into  orthogonal  element  pairs 
allows  for  multiple  polarization  capability  in  the  line  array.  Characterization  of  the  an¬ 
tenna  performance  of  these  closely  spaced  (0.19  \0)  printed  circuit  orthogonal  subarray 
element  pairs  over  a  wide  bandwidth  was  obtained. 

Exceptional  array-element  performance  was  measured  over  the  6.0  to  18.0  GHz  band. 
The  average  embedded  subarray  E-,  H-,  and  intercardinal  plane  radiation  pattern  beam- 

widths  were  between  cos0  and  cos  20.  The  subarray  element  radiation  patterns  were  very 
symmetric  and  did  not  exhibit  any  holes.  Intercardinal  subarray  radiation  patterns  with 
extremely  low  cross-polarization  level  were  demonstrated  for  this  aperture  over  the  6.0  to 
18.0  GHz  band.  The  cross-polarization  pattern  levels  were  also  extremely  low  in  the  two 
principal  planes.  Overall,  the  polarization  properties  of  the  antenna  elements  are  well-be¬ 
haved  when  arrayed  in  a  dual-polarized  aperture.  The  typical  embedded  subarray  gain 
was  on  the  average  only  0.8  dBi  less  than  the  ideal  directivity,  showing  an  extremely 
efficient  element.  The  embedded  subarray  return  loss  was  below  -10  dB  across  the  fre¬ 
quency  band.  The  use  of  inner  element  absorber  loading  was  shown  to  provide  array-ele¬ 
ment  performance  optimization  and  increased  mechanical  stability.  Close  element  spacing 
was  achieved  for  restricted  transmit  and  Bragg  grating  lobe  operation,  while  maintaining  a 
consistent  level  of  antenna  performance  across  an  octave  bandwidth. 

Closely  spaced  elements  for  reduced  (low)  active  VSWR  with  scan  have  been  demon¬ 
strated  with  a  mean  plus  standard  deviation  value  below  3.0: 1.0  over  a  full  6.0  to 
18.0  GHz  band  with  a  ±60-degree  scan.  Radar  performance  in  multifunction  phased  ar¬ 
ray  systems  with  dual  polarized  apertures  can  yield  active  VSWR  which  is  on  the  average 
below  2. 0:1.0  over  a  ±60-degree  scan  in  X-band.  The  mean  active  VSWR  over  the  6.0 
to  18.0  GHz  band  scanning  beyond  60  degrees  (60  to  70  degrees)  is  below  3.3: 1.0. 

It  has  been  demonstrated  that  full  polarization  diversity  can  be  accomplished  and  that 
the  T/R  circuit  can  be  packaged  in  densities  consistent  with  18.0  GHz  performance.  Fi- 
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nally,  this  aperture  characterization  and  line  array  demonstration  provided  useful  insight 
and  experience  for  the  design  of  next  generation  active  phased  arrays. 
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ABSTRACT 

The  flared  slot  or  tapered  notch  antenna  has  become  the  mainstay  element  for  ad¬ 
vanced  wideband  phased  arrays.  The  flare  design  allows  for  a  diversity  of  shapes  which 
can  impact  pattern  (main  polarization  and  cross-polarization),  input  impedance,  and 
gain.  Tapers  used  in  the  past  include  exponential,  circular,  Dolf-Tchebycheff  (Klop- 
fenstein),  stepped,  and  linear.  This  along  with  the  use  of  mutual  coupling  fences  is  shown 
to  have  a  direct  impact  on  co-  and  cross-polarization  pattern  response  in  the  intercar¬ 
dinal  and  principal  planes  of  the  element.  The  use  of  fences  or  mutual  coupling  post  and 
close  element  spacings  along  with  subarraying  can  impact  active  voltage  standing  wave 
ratio  (VSWR)  with  scan  and  aid  in  the  enhancement  of  antenna  radiation  performance . 

The  prediction  of  RF  scattering  or  radiation  of  realistic  objects  by  computer  codes  has 
always  been  encumbered  by  the  complex  nature  of  the  antenna  itself.  The  antenna  can  be 
complex  in  shape,  electrically  large  in  wavelengths,  and  have  elaborate  design,  and  ele- 
ment-to-element  interactions.  This  paper  presents  a  method  which  can  be  used  for  deter¬ 
mining  the  scattering  or  radiation  results  from  objects  with  realistic  characteristics  based 
on  a  frequency-domain  Finite  element  solution  for  modeling  the  antenna  and  near-field 
region  with  absorbing  boundary  conditions  or  integral  equations  representing  the  exterior 
region.  The  application  of  this  analysis  on  the  design  of  a  linearly  polarized  flared  slot  or 
notch  array  will  be  discussed.  A  linearly  polarized  array  was. designed  with  close  element 
spacings  to  restrict  transmit  grating  lobes.  The  array  is  constructed  using  printed  circuit 
stripline  fed  tapered  notch  antenna  elements.  The  elements  are  driven  in  subarray  pairs 
through  use  of  stripline  Wilkinson  power  dividers  and  have  flare  lengths  on  the  order  of  a 
fraction  of  a  wavelength.  The  understanding  of  near-field  radiation  and  coupling  interac¬ 
tions  is  an  important  desigmaid.  Physicalphenomena  are  observed  in  the  predicted  near- 
field  results. 
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1.0  INTRODUCTION 


Advances  in  phased-array  module  technology  and  mission  specifications  require  a  new 
generation  of  antenna  apertures  which  operate  over  a  multioctave  frequency  range  (2.0  to 
18.0  GHz).  The  need  for  both  wideband  linearly-polarized  arrays  for  traditional  radar 
functions  and  wideband  dual-polarized  arrays  for  multifunction  applications  predicates 
the  need  for  versatile  design  in  the  wideband  aperture  arena.  The  radiating  element  which 
makes  up  this  aperture  must  operate  as  such  over  this  extremely  wide  bandwidth.  Grating 
lobe  restrictions  at  high  frequency  further  require  the  aperture  to  have  closely  spaced 
elements.  This  makes  the  effective  element  aperture  width  electrically  small.  Antenna 
elements  and  apertures  of  this  type  must  improve  in  performance  if  they  are  to  be  used  in 
wideband  active  phased  arrays.  Further  development  of  two-  and  three-dimensional 
analysis  methods  and  computer  programs  which  can  help  predict  the  performance  from 
these  types  of  three-dimensional  antenna  element  and  aperture  designs  wouid  be  ex¬ 
tremely  useful.  The  design,  analysis,  and  characterization  of  wideband  linearly  polarized 
arrays  will  be  discussed  in  this  paper. 

The  required  frequency  coverage  has  progressively  widened  in  these  phased  arrays  until 
the  typical  frequency  bandwidth  now  exceeds  several  octaves.  As  the  frequency  coverage 
increased,  the  types  of  radiating  elements  that  could  be  considered  have  progressively 
decreased.  At  present,  with  frequency  bandwidths  exceeding  three  octaves,  only  end-fire 
elements  such  as  exponential  notch  or  flared  slot  can  be  considered  viable  radiating  ele¬ 
ments. 

The  aperture  discussed  here  uses  a  close  element  spacing  (0.17  X  to  0.19  X  at  low  end) 
to  reduce  active  VSWR  with  scan  and  restrict  grating  lobes.  The  gain,  return  loss,  radia¬ 
tion  pattern,  and  active  VSWR  performance  of  linearly  polarized  flared  slot  arrays  will  be 
given.  Predictions  based  on  finite  element  and  boundary  element  method  analysis  will  be 
shown  to  provide  useful  insight  into  the  design  and  operation  of  this  antenna  element 
type. 

This  antenna  can  be  built  using  standard  low  cost  printed  circuit  technology.  Currently, 
design  methods  for  analysis  of  multioctave,  electrically  small  printed  circuit  radiating  ele¬ 
ments  and  apertures  are  limited.  Design  of  this  element  (when  its  width  approaches  a 
tenth  of  a  wavelength)  in  the  past  relied  on  experimental  iterations  due  to  a  lack  of 
dynamic  electromagnetic  analysis  and  computer-aided  engineering  (CAE)  computer  rou¬ 
tines  to  predict  radiation  and  scattering  performance  from  three-dimensional  printed  cir¬ 
cuit  elements  and  antenna  aperture  structures.  Analyses  which  include  effects  from  the 
three-dimensional  volume  of  the  element  are  underway. 

The  two-dimensional  Hybrid  Finite  Element/Boundary  Element  Method  (FEM/BEM) 
has  proven  to  be  a  very  dynamic  analysis  tool  for  electromagnetic  computation  for  an¬ 
tenna  and  scattering  problems.  The  Finite  Element  Method  (FEM)  has  been  used  for 
over  a  decade  in  mechanical  stress  and  thermal  analysis  as  a  feasible  and  efficient  compu- 
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tational  method.  The  combination  of  Finite  Elements  with  a  Boundary  condition  for  mod¬ 
eling  the  far— field  is  yielding  a  very  dynamic  analysis  tool  for  electromagnetic  field  compu¬ 
tation.  The  extension  of  this  method  for  modeling  full  three-dimensional  objects  includ¬ 
ing  lossy  dielectrics  is  extremely  promising. 

2.0  DESIGN  OF  A  WIDEBAND  EIGHT-ELEMENT  LINE  ARRAY 

To  enable  multifunction  active  arrays  to  perform  over  a  multioctave  frequency  range, 
the  aperture  must  have  wideband  performance  (6.0  to  18.0  GHz)  [1].  This  wideband 
coverage  requires  frequency  independent  type  behavior  in  the  antenna  element  design. 
These  types  of  modem  active  arrays  are  -further  specified  to'have  reduced  transmit  grating 
lobes  up  to  18.0  GHz  in  some  applications.  For  the  line  array  demonstration,  a  0.35-inch 
spacing  was  chosen  to  restrict  transmit  grating  lobes  up  to  15.0  GHz  with  a  plus  or  minus 
60°  scan  capability.  This  requirement  includes  ah  allowance  for  beamwidth.  This  close 
element  spacing  was  imposed  to  simulate  similar  future  planar  array  requirements. 

An  antenna  element  that  provides  frequency  independent  type  operation  and  is  suited 
for  phased  array  apertures  is  the- stripline  fed  flared  slot  element.  This  element  is  built 
using  standard  printed  circuit  technology  and  provides  workable  element  sizes  for  phased 
array  applications.  The  line  array  can  be  configured  with  respect  to  the  arrayed  element’s 
polarization  as  either  an  E-  or  H-Plane  array.  For  an  H-Plane  array,  the  element  will 
provide  the  necessary  frequency  independent  type  behavior  with  no  restriction  placed  on 
its  width.  The  criteria  for  choosing  a  suitable  design  would  depend  on  the  mutual  coupling 
effects  of  the  embedded  array  element  and  its  active  impedance  with  scan.  In  order  to 
support  future  planar  array  concepts,  a  configuration  was  chosen  which  would  restrict  the 
element  width  in  both  the  E-  and  H-Plane  to  0.35  inch.  This  reduction  of  element  width 
to  0.35  inch  was  found  to  lend  itself  readily  to  the  flared  slot  or  stripline  fed  notch  design 
in  both  the  E-  and  H-PIanes. 

The  stripline  notch  element  design  was  selected  and  is  directly  applicable  to  a  planar 
array  concept.  This  element  exhibits  multioctave  performance  when  no  restriction  is 
placed  on  its  width.  When  the  element  width  is  reduced  to  0.35  inch,  a  reduction  in 
element  gain  and  a  higher  input  impedance  is  observed  at  lower  frequencies.  This  reduc¬ 
tion  in  efficiency  is  overcome  by  connecting  the  elements  end-to-end  in  an  E-Plane  line 
array  which  is  etched  on  a  copper  clad  Teflon  substrate  board  as  shown  in  Figure  1. 
Connecting  all  elements  allows  the  element  widths  to  be  continuously  merged  into  the 
adjacent  elements.  This  connection  overcomes  the  abrupt  discontinuity  of  a  0.35-inch 
wide  element  and  allows  each  element  to  increase  in  effective  width.  This  increase  in 
arrayed  element  width,  while  maintaining  0.35-inch  spacing,  directly  improves  the  low 
frequency  performance  of  an  arrayed  element.  The  measured  data  also  suggests  that  no 
severe  mutual  coupling  effects  occur  when  connecting  the  elements  together  in  this  man¬ 
ner. 
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Figure  1.  Eight-Element  Stripline  Fed  Flared  Slot  Aperture 


The  stripline  notch  antenna  element  is  realized  by  combining  three  printed  circuit  com¬ 
ponents  into  a  single  radiating  element.  A  50-ohm  stripline  is  etched  on  a  0.031-inch 
copper-clad  Teflon  substrate.  This  50-ohm  line  then  feeds  across  a  slot  etched  on  the 
opposite  side  of  the  0.031-inch  thick  board  and  across  a  similar  slot  on  the  opposite 
ground  plane  side  to  form  a  stripline  to  slotline  coupling  transition.  This  transition  has  an 
input  return  loss  of  -15  dB  across  the  6.0  to  18.0  GHz  band.  This  wideband  coupling 
from  the  50-ohm  line  to  the  slotline  is  achieved  by  terminating  the  stripline  in  a  radial 
stub  and  the  slotline  into  an  open  circuit  termination. 

The  launched  quasi-TEM  fields  of  the  slotline  radiate  when  the  guide  wavelength  is 
greater  than  approximately  40  percent  of  the  freespace  wavelength.  Therefore,  the  phase 
center  of  the  point  of  radiation  moves  up  the  flare  with  decrease  in  frequency.  This  results 
in  a  low  frequency  limit  based  on  element  width.  This.  low  frequency  limitation  in  width 
occurs  at  a  freespace  half-wavelength  where  a  moderate  roll-off  can  be  obtained  down  to 
a  tenth  of  a  freespace  wavelength.  For  shorter  length  flares  (X.o/4-*-+\€r /4,  and  widths 
<  X.o/2),  the  possibility  of  a  more  resonant  antenna  exists.  A  first-order  approximation  to 
the  gain  is  given  by  the  ideal  theoretical  directivity  of  the  element  area  in  the  array-where 
the  gain  increases  as  roughly  the  square  of  the  frequency.  Modification  of  the  flare  shape 
can  result  in  beam  broadening,  pattern  shaping,  and  impedance  matching.  The  stripline 
notch  array  shown  in  Figure  1  uses  a  modified  Klopfenstein  taper  on  the  flared  slot  to 
achieve  a  shorter  aperture  length  (0.17  \o  long  at  6,0  GHz).  This  circuit  is  then  repeated 
eight  times  on  a  single  circuit  board  to  create  the  eight-element,  E-Plane  line  array. 


A  series  of  measurements  was  performed  bn  a  central  element  in  the  eight-element  line 
array  with  all  other  elements  terminated  in  50  ohms.  The  return  loss  of  this  central  ele¬ 
ment  is  shown  in  Figure  2  from  6.0  to  18.0  GHz.  The  return  loss  is  less  than  -10  dB 
(VSWR  1.92:1)  across  the  majority  of  the  band.  All  elements  in  the  array  exhibit  very 
similar  return  loss  plots. 


CHI:  A 

5.0  dB/REF •  0  00  dB 


The „E-  and  H-Plane  patterns  are  very  symmetric  and  exhibit  no  holes  over  the  6.0  to 
18.0  GHz  band.  The  average  E-Plane  half-power  beamwidth  is  138  degrees,  and  the 
average  H-Plane  beamwidth  is  128  degrees.  Typical  E-  and  H-Plane  radiation  patterns  at 
10  GHz  are  shown  in  Figure  3.  The  cross-polarization  pattern  is  approximately  -20  dB 
down  from  the  main-polarization  pattern  over  plus  or  minus  90  degrees, 
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The  gain  of  this  central  element  from  6  to  18  GHz  is  shown  in  Figure  4  along  with  the 
directivity  for  a  0.35-inch  square.  The  gain  is  very  smooth  and  approximately  equal  to  the 
cell  area  directivity  from  8.8  to  16.5  GHz.  At  lower  frequencies,  the  E-  and  H-Plane 
patterns  exhibit  a  higher  backlobe  radiation  level.  The  variation  in  gain  observable  from 
6.0  to  8.8  GHz  is  believed  to  be  due  to  forward  reflection  from  the  back  radiation  inci¬ 
dent  on  the  ground  plane  block.  The  mutual  coupling  level  from  a  central  element  to  an 
adjacent  element  is  -10  dB  or  lower  across  the  band  and  is  -20  dB  to  an  end  element. 
The  reduction  in  active  VSWR  due  to  the  close  element  spacings  (less  than  0.2  A.  at  low 
frequencies)  is  observed  in  the  computed  data. 


Figure  4.  CentraLElem'ent  Gain 
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The  active  VSWR  with  ±90  degree  scan  over  the  full  6.0  to  18.0  GHz  frequency  band  is 
shown  in  Figure  5.  At  6.0  GHz  where  the  element  spacing  corresponds, '.o  a  0.17  X  spac¬ 
ing  the  active  VSWR  is  extremely  low  over  the  entire  ±90  degree  scan.  As  the  element 
spacing  increases  up  to  a  half-wavelength  at  16.8  GHz,  the  active  VSWR  increases,  start¬ 
ing  approximately  where  the  grating  lobe  appears  in  the  ±90  degree  scan.  At  15.0  GHz, 
the  active  VSWR  is  low  from  0  to  60  degrees  where  the  grating  lobe  appears. 

3.0  ANALYSIS  AND  MODELING  OF  FLARED  SLOT  ANTENNAS 

A  hybrid  finite  element/boundary  element  method  analysis  computer  code  was  devel¬ 
oped  and  used  to  solve  a  number  of  antenna  problems.  The  two-dimensional  code  was 
used  to  model  an  actual  phased  array  aperture  and  a  radome  antenna  configuration.  This 
section  presents  the  results  of  a  two-dimensional  finite  element/boundary  element  time 
harmonic  analysis  of  a  phased  array  antenna  including  a  radome[2,3].  The  Hybrid  FEM/ 
BEM  method  can  be  used  for  both  near  and  far  field  radiation  and  scattering  analysis.  In 
this  technique,  the  boundary  element  method  is  used  for  the  exterior  far  field  region  and 
the  finite  element  method  is  used  for  the  near  field  antenna/scatterer  region.  Predictions 
are  given  for  the  antenna’s  radiation  pattern  with  and  without  the  radome.  Examples  are 
also  shown  for  an  active  phased  array/radome  configuration  and  predictions  are  com¬ 
pared  to  measured  results  for  a  steered  pattern. 

This  method  is  unique  in  that  complicated,  high  aspect  ratio  geometries  can  be  mod¬ 
eled  accurately  and  iteratively.  Objects  to  be  modeled  can  simultaneously  contain  con- 
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Figure  5.  Active  VSWR  with  Scan  Over  6.0  to  18.0  GHz  Band  of  Central 
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ductors,  lossy  dielectrics,  and  lossy  magnetic  materials.  This  ability  is  facilitated  by  the  use 
of  the  finite  element  method  for  the  near  field  modeling.  The  boundary  element  method, 
in  turn,  is  used  for  modeling  the  exterior  open  region.  Objects  of  up  to  20  wavelengths  in 
dimension  have  been  analyzed  by  this  method..  The  same  computer  model  and  code  can 
be  used  for  both  radiation  and  scattering  analysis. 

Scattering  and  radiation  predictions  are  also  shown  for  a  constant  thickness  radome 
and  a  variable  thickness  radome.  Comparisons  can  be  made  to  the  antenna  array  with  no 
radome.  The  active  phased  array  is  also  modeled  with  a  multimaterial  radome;  shown  are 
the  near  field  interactions  and  the  resulting  far  field  pattern.  This  method  is  useful  for 
solving  the  total  electromagnetic  antenna  problem,  including  the  radome’s  effect  on  pat¬ 
tern,  impedance,  and  gain.  The  following  is  a  brief  discussion  of  the  Hybrid  FEM/BEM 
method. 


The  Vector  Helmholtz’s  equation  for  the  radiating. field  using  a  H  polarization  and  an 
applied  electric  polarization,  P,  as  the  forcing  function  is: 


1 

V  x  j0)€ 


VxH  4-  j(0|lH  =  VxP 


(1) 
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To  insure  proper  boundary  conditions  at  material  interfaces,  the  curl-curl  formulation 
is.  used  in  (1)  instead  of  the  vector  Laplacian.  The  use  of  an  electric  polarization  as  the 
input  forcing  function  to  the  notch  antenna  is  a  novel  idea  presented  here.  The  finite 
element  formulation  is  obtained  here  by  the  Galerkin-Weighted  Residual  method[4]. 


X  [(7xw)  *  fr^  VxH  j  +  w  •  jtoJlH  -  W  •  VxpJ  dV  =fs  W  •  (nxE) 


W  in  (2)  is  an  arbitrary  vector  weighting  function  and  E  is  the  electric  field.  Normally  in 
the  finite  element  method,  the  surface  integral  in  (2)  is  set  to  a  constant  or  zero  value.  In 
the  Hybrid  technique,  this  surface  integral  is  retained.  The  tangential  component  of  the 
electric  field  (n  x  E)  is  an  additional  unknown  on  the  exterior  surface. 

The  boundary  element  equations  are  obtained  directly  from  the  Stratton-Chu  for- 
mula[5,6]. 

Q!H  =  J  [(n  x  jM€E)G  -  VG  (n«H)  -  (nxH)  x  VG]  dS  (3) 


O'  is  the  integrated  value  of  the  singularity  and  G  is  the  Green’s  function.  (2)  and  (3) 
respectively  become  matrix  equations  by  standard  finite  element  and  boundary  element 
projection  techniques[7,8].  Equations  (2)  and  (3)  together  represent  the  electromagnetic 
field  in  the  entire  region  of  space,  from  the  near  field  to  infinity.  The  finite  element 
matrix  notation  for  (2)  is: 

[S](H]  +  [T][Et]  =  [F]  (4) 

The  matrix  [S]  is  obtained  from  the  first  two  terms  in  the  volume  integral  of  (2),  the 
matrix  [F]  is  a  column  matrix  from  the  third  volume  integral  term  containing  the  known 
polarization  term,  and  [T]  is  from  the  surface  integral  term.  The  following  matrix  equa¬ 
tions  for  the  unknowns  H  and  Et  are  obtained  from  (3). 

[U][H]  +  [  V]  [E  t  ]  =  0  (5) 

To  solve  for  the  entire  space,  (4)  and  (5)  are  solved  simultaneously.  This  results  in  a 
sufficient  number  of  equations  to  solve  for  the  unknowns. 


The  eight  element  line  array  aperture  discussed  in  Section  2.0  (shown  in  Figure  1)  was 
assembled  into  a  six  transmit  module  phased  array  as  shown  in  Figure  6.  The  phased 
array  scanned  pattern  was  measured  with  six  central  elements  driven  by  transmit  modules 
and  the  two  edge  elements  terminated  with  50-ohm  loads.  Predictions  are  given  and 
compared  with  measured  results  of  array-element  pattern,  gain  versus  frequency,  and 
array  scanned  pattern. 
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Figure  6.  Assembled  Wideband  Line  Array  with  Stripline  Notch  Radiating  Elements 

As  an  example  of  FEM/BEM  modeling,  the  actual  eight  element  line  array  shown  in 
Figure  7  was  modeled.  Figure  7  shows  the  discretized  model  and  Figure  8  is  a  zoomed-in 
section  showing  in  detail  the  finite  elements  and  boundary  elements  (elements  are 
shrunken  towards  their  centers  for  better  visibility).  In  this  model,  much  more  airspace 
was  modeled  than  needed.  Usually,  one  or  two  layers  of  airspace  finite  elements  are 
required  before  the  boundary  elements  are  placed  on  the  surface. 


Figure  7.  Finite  ElementIBoundary  Element  Mesh 
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Figure  8.  Zoomed-In  Section  of  Mesh 


BOUNDARY  ELEMENTS 


An  electric  polarization  function  is  defined  over  the  notch-gap  region  with  specified 
amplitude  and  phase  as  shown  in  Figure  9.  Figure  10  shows  the  outline  of  the  line  array 
aperture  and  the  predicted  near  field  radiation  pattern  (contours  of  Hz)  at  10  GHz  when 
the  elements  are  phased  to  steer  the  beam  +30  degrees.  The  edge  elements  were  termi¬ 
nated  with  a  50-ohm  junction  at  the  bottom  of  the  notch.  A  comparison  of  the  predicted 
and  measured  phased  array  patterns  steered  to  30  degrees  is  shown  in  Figure  11.  A 
comparison  of  sidelobe  levels  shows  a  2  dB  level  difference.  The  half-power  beamwidths 
are  27.2  degrees  for  the  predicted  and  31.0  degrees  for  the  measured. 


Figure  9.  Forcing  Function  in  Finite  Element  Region 

Results  of  the  predicted  and  measured  patterns  show  reasonable  agreement  in  beam- 
width,  sidelobe  level,  and  overall  shape.  The  null  depth  in  the  predicted  pattern  is  not  as 
deep  due  to  two-dimensional  approximations.  The  array-element  E-plane  pattern  at  10 
GHz  is  shown  in  Figure  12  for  the  predicted  and  measured  results.  The  half-power  beam- 
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width  of  the  measured  and  computed  results  are  180  and  139  degrees,  respectively.  This 
difference  in  beamwidth  is  believed  to  be  due  to  modeling  error  in  the  50-ohm  load 
termination.  The  measured  array-element  gain  is  shown  in  Figure  13  from  6  to  18  GHz 


and  compared  with  the  normalized  predicted  gain  from  the  Hybrid  FEM/BEM  solution. 
As  previously  mentioned,  arbitrarily  complex  models  can  be  analyzed  with  this  method. 
Further  extensions  of  this  Hybrid  method  allow  for  combined  antenna  and  constant  thick¬ 
ness  radome  analysis  as  shown  in  Figures  14  through  16.  The  same  radome/antenna 
models  can  also  be  used  for  scattering  analysis.  Figure  17  shows  a  near-field  plot  of  the 
scattered  field  for  the  constant  thickness  radome.  The  incident  plane  wave  is  an,  angle  of 
45  degrees  from  the  horizontal  axis.  Figure  18  shows  the  far-field,  bistatic  RCS  patterns. 
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A  curved,  composite  multiband  radome  design  is  added  to  the  previously  mentioned 
line  array  for  the  combined  antenna  radome  analysis  are  shown  in  Figure  19.  The  inner 
and  outer  layers  of  the  radome  are  made  of  a  low  loss  dielectric  material  (€r  =  2.3  -  j 
0.05).  The  inner  layer  is  modeled  as  a  low  loss  (€r  =  1.0  -  j  0.1)  approximation  to  the 
honeycomb  structure.  The  near-field  pattern  of  the  array-radome  configuration  is  shown 
in  Figure  20.  The  far-field  pattern  obtained  for  this  case  is  shown  in  Figure  21.  This 
figure  shows  the  ability  of  the  code  to  model  the  total  interaction  problem  created  by  the 
introduction  of  the  radome. 
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Figure  15.  Two-Element  Array 
Near-Field  with  Radome  (£r  =  4.0)  at 
10  GHz 
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Figure  18.  Bistatic  Scattering  from  Antenna! Radome  System  at  10  GHz 


Radiation  predictions  are  also  shown  for  a  variable  thickness  radome  with  a  two-ele¬ 
ment  array  in  Figure  22.  Comparisons  can  be  made  to  the  antenna  array  with  no  radome. 
The  far-field  pattern  of  the  radome  is  shown  in  Figure  23.  The  variable  thickness  radome 
has  the  effect  of  splitting  the  main  lobe  into  five  lobes  of  nearly  equal  magnitude;  the 
constant  thickness  radome  creates  two  side  lobes. 

Hybrid  finite  element/boundary  element  methods  (FEMs/BEMs)  yield  dense  matrices 
for  the  exterior  region,  since  every  point  on  the  region  boundary  is  tightly  coupled  to 
every  other  point.  Even  if  the  interior  region  is  modeled  by  the  finite  element  method 
which  yields  sparse  matrices,  the  boundary  nullifies  the  advantages  of  the  sparse  system.  It 
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Figure  20.  Contour  Map  of  E-Field  Lines  for  Steered  Array  with  Radome 
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Figure  23.  Far-Field  E-Plane  Pattern  of  Variable  Thickness  Radome 


has  become  evident  to  engineers  and  numerical  analysts  that  a  more  economical  and 
effective  method  had  to  be  found  to  eliminate  dense  matrices  which  require  large  com¬ 
puter  memory  and  result  in  slow  execution.  One  of  these  methods  is  to  develop  a  hybrid 
boundary  condition  that  yields  sparse  matrices  but  preserves  solution  accuracy.  This  type 
of  boundary  condition  is  called  the  absorbing  or  radiation  boundary  condition. 

The  results  of  the  combination  of  the  finite  element  method  with  two  types  of  absorbing 
boundary  conditions,  the  Engquist-Majda(9]  and  the  Bayliss-Turkel[10],  will  be  shown 
and  compared  with  closed  form  solutions  or  with  hybrid  techniques.  Both  absorbing 
boundary  conditions  used  in  this  discussion  are  of  the  second  order.  All  of  the  examples 
will  be  for  two-dimensional  frequency  domain  scattering  problems. 

The  objective  of  absorbing  boundary  conditions  is  to  truncate  a  differential  equation 
solution  region  with  boundary  conditions  that  cause  minimum  reflections  of  an  outgoing 
wave.  These  absorbing  boundary  conditions  should  provide  small,  acceptable  errors  while 
minimizing  the  distance  from  the  object  of  interest  to  the  outer  boundary.  This  minimal 
distance  is  required  to  reduce  the  number  of  unknowns  in  the  problem  for  computational 
efficiency. 

The  second  order  Engquist-Majda  absorbing  boundary  condition  has  the  following 
form: 


9n 


(7) 
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where 


k  =  wavenumber 
4>  =  unknown  field  value 
n  =  normal  direction 
T  =  tangential  direction 

The  second  order  Bayliss-Turkel  absorbing  boundary  condition  for'  two  dimensions  is 
derived  from  the  Wilcox  expansion  and  can  be  represented  as  follows: 


(ir- 


.J it.. 

dr2 


(8) 


'  4r 
where 

r  =  radial  distance 

Both  ABCs  can  be  easily  implemented  in  a  finite  element  formulation  for  the 
Helmholtz  equation. 

The  following  is  the  two-dimensional  Galerkin  Form  for  TE  polarization: 


x{ 


V\v  .  VH  +  jtojl  W  H 

J 


} dV- 1 


1  H 

W  —  —  dS  =  0 
s  Jwe  0n 


(9) 


where 

W  =  weighting  function 
H  =  magnetic  intensity 
CO  s  2tt  x  frequency 
€  =  electric  permitivity 
JX  =  magnetic  permeability 

To  implement  the  absorbing  boundary  conditions,  the  normal  derivative  of  the  field  is 
determined  by  either  equation  (7)  or  (8)  and  is  substituted  in  the  surface  integral  term  of 
equation  (9).  Subsequent  finite  element  discretization  of  the  obtained  Galerkin  form  is 
standard. 

An  example  was  solved  with  both  absorbing  boundary  conditions  and  by  using  a  third, 
hybrid  finite  element/boundary  element  analysis  method.  The  geometry  consists  of  two 
conducting  wedges,  SXo  long,  with  the  area  between  the  two  wedges  filled  with  the  €r  = 
2,  /lr  =  2  material.  The  incident  angle  of  the  incoming  plane  wave  is  zero  degrees. 
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Figure  24  shows  the  contour  plot  of  the  E-field.  Figure  25  shows  a  comparison  of  the 
Engquist-Majda  ABC  versus  the  hybrid  finite  element/boundary  element  bistatic  results 
including  the  differences  between  the  two.  Figure  26  shows  a  similar  comparison  between 
the  Bayliss-Turkel  and  the  hybrid  results. 


Figure  25.  Bistatic  Scattering 
Comparison  of  Engquist-Majda 
Absorbing  Boundary  Conditions  and 
Hybrid  FEM/BEM  Solution 


Figure  26.  Bistatic  Scattering 
Comparison  of  Bayliss-Turkel  and 
Hybrid  FEM/BEM  Solution 


In  the  above  example,  the  absorbing  boundary  conditions  yielded  results  of  similar 
accuracy  to  the  FEM/BEM  method,  but  with  tenfold  improvements  in  computational 
efficiency  both  in  terms  of  memory  requirements  and  speed  of  execution. 
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4.0  LINEARLY  POLARIZED  ARRAY  DESIGN  AND  PERFORMANCE 

A  linearly-polarized  array  was  designed,  built,  and  tested  for  antenna  radiation  per¬ 
formance.  Throughout  this  design  the  FEM/BEM  electromagnetic  analysis  code  was  used 
to  model  designs  and  predict  performance.  The  task  of  designing  and. building  a  linearly- 
polarized  array  which  used  the  FEM/BEM  analysis  code  and  created  a  solution  to  the 
antenna  radiation  and  mechanical  design  was  undertaken.  To  provide  a  realizable  solu¬ 
tion  to  the  aperture  problem  as  a  whole,  a  producibility  study  of  the  array  aperture  was 
also  carried  out.  This  includes  analysis  and  experimentation  to  resolve  potential  problems 
concerning  the  producibility  of  elements,  their  mechanical  integrity,  and  cost.  Several 
approaches  to  ground  plane  design  were  evaluated  for  proper  radiation,  thermal,  and 
interface  performances.  Other  considerations  for  producibility,  such  as  thermal,  element 
alignment,  and  manufacturing  tolerances,  were  also  addressed. 

A  linearly-polarized  array  using  subarray  element  pairs  was  designed,  built,  and  tested. 
The  goal  of  this  effort  was  to  develop  an  array  with  wideband  radiation  performance  over 
the  6  to  18  GHz  band  and  optimized  performance  over  the  6  to  12  GHz  band.  Close 
element  spacings  were  used  to  reduce  grating  lobes.  In  the  E-plane,  subarray  pairs  are 
spaced  0.736  inch  apart  (0.368  discrete  element  spacings),  with  H-pIane  spacing  of  0.331 
inch.  The  array  consists  of  169  subarray  element  pairs.  The  lattice  is  arranged  with  the 
phase  centers  in  the  E-plane  sticks  offset  from  each  other.  Figure  27  shows  the  final 
assembled  array.  A  close-up  view  of  the  array  is  given  in  Figure  28. 


Figure  27.  Wideband  Linearly-Polarized  Array  using  Subarray  Stripline  Notch 

Elements 
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Figure  28.  Close-Up  View 
of  Array 


An  example  of  a  subarray  element  pair  stick  is  shown  in  Figure  29.  The  array  was 
constructed  using  an  existing  stripline  notch  (0.15  X  long  at  6.0  GHz)  design  modified  for 
a  thicker  dielectric  material.  The  elements  were  etched  on  CuClad  233,  a  low-loss  Tef¬ 
lon-woven  glass  substrate  with  a  dielectric  constant  of  2.33.  The  thickness  of  the  elements 
was  increased  from  previous  designs  to  a  0.062-inch  ground  plane  spacing  to  increase 
mechanical  rigidity.  Subarraying  is  achieved  by  combining  every  two  elements  with  a 
Wilkinson  stripline  power  divider.  The  height  of  the  elements  could  be  reduced  to  a 
minimum  of  one  inch.  A  margin  of  bare  dielectric  was  left  on  the  element  sticks  to  allow 
for  shaping  to  possibly  enhance  element  performance. 


Figure  29.  Six  Subarray  Element  Stick  Showing  Wilkinson  Power  Divider  Isolation 

Resistors 


The  gain  of  a  five-element  stick  from  this  array  was  measured.  This  is  plotted  in  Fig¬ 
ure  30  with  the  theoretical  area  directivity  curve.  The  element  is  highly  efficient  with  gain 
at,  or  close  to,  the  cell  area  directivity.  Figure  31  shows  the  embedded  ele'ment  return  loss 
of  the  array.  The  return  loss  is  less  than  -10  dB  over  the  majority  of  the  6  to  18  GHz 
bandwidth.  The  performance  of  this  array  was  characterized  in  three  different  configura¬ 
tions.  Measurements  of  the  array  were  made  in  the  baseline  case  (no  mutual  coupling 
fences  between  E-plane- subarrays  in  the  array),  with. absorber  fences  (Figure  32),  and 
with  resistive  fences.  For  all  three  of  these  cases,  the  embedded  element  gain,  linear  and 
spin  linear  antenna  patterns,  and  mutual  coupling  were  measured  and  the  active  imped¬ 
ance  was  calculated.  The  embedded  element  gain  of  the  array  is  shown  in  Figure  33, 
plotted  with  the  directivity  curve  for  the  cell  area.  The  two  cases  with  fences  have 
smoother  gain  with  higher  nulls  and  lower  peaks.  In  all  three  cases,  the  measured  gain 
matches  very  well  with  the  directivity  for  the  6  to  12  GHz  band,  showing  that  the  element 
is  highly  efficient.  The  average  losses  calculated  over  the  6  to  18  GHz  band  are  0.44  dB 
for  the  baseline  case,  0.6  dB  for  the  absorber  fences  (wedges)  cases,  and  0.6  dB  for  the 
resistive  fence  (card)  case. 


Figure  30.  Central  Embedded  Element 
Cain  in  Five  Subarray  Element  Stick 
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Figure  31.  Embedded  Subarray  Element  Return  Loss  from  6.0  to  18.0  GHz 
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Figure  32.  Close-Up  View  of  Array  with  Absorber  Mutual  Coupling  Fence 


Figure  33.  Central  Embedded 
Subarray  Element  Gain  in  the 
Linearly-Polarized  Array 


Two  typical  E-  and  H-plane  patterns  at  8  GHz  for  the  absorber  fence  case  are  shown 
in  Figure  34.  In  the  E-plane,  the  baseline  patterns  have  a  2-  to  3-dB  ripple.  Both  the 
absorber  fence  and  resistive  fence  patterns  are  smoother  than  the  baseline  case.  The 
cross-polarization  levels  are  about  5  dB  higher  in  the  baseline  case  than  the  other  two 
cases.  The  H-plane  patterns  are  smooth  for  all  three  cases,  although  the  beamwidth  of 
the  baseline  case  is  about  20  degrees  below  the  other  two.  Figure  35  shows  the  E-plane 
half-power  beamwidths  of  an  embedded  element.  The  baseline  case  has  smaller  beam- 
widths  at  the  lower  frequencies  due  to  the  ripple  in  the  patterns.  The  ripple  decreases 
after  10  GHz,  by  which  time  the  beamwidths  for  ail  three  cases  are  similar.  The  pattern  of 
the  absorber  fence  and  resistive  fence  case  is  approximately  that  of  a  two-element  array 

with  each  element  having  a  cos^0  field  pattern  at  the  low  end  which  rolls  off  to  cos  ^8  at 
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the  high  end.  The  H-plane  half-rpower  beamwidths  are  shown  in  Figure  36.  The  wid 
variations  inbeam  width  present  in  the  baseline  case  are  eliminated  by  the  mutual  coi 
pling  fences.  The  patterns  for  the  absorber  fence  and  resistive  fence  are  narrow  at  the  lo 
end  of  the  band,  broadening  to  cos  0  for  most  of  the  band. 


Figure  34.  E-  and  H-P lane  Central  Embedded  Subarray  Element  Patterns  at  8.0 
GHz  in  the  Linearly-Polarized  Array 


Figure  35.  Central  Embedded  Subarray  Element  E-Plane  Beamwidths  in  the 

Linearly-Polarized  Array 


Figure  36.  H-Plane  Central 
Embedded  Subarray  Element 
Beamwidths  in  the 
Linearly-Polarized  Array 
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Figure  37  shows  a  typical  intercardinal  (.42°)  spin  linear  pattern  for  the  resistive  fence 

cases.  The  resistive  fence  case  has  lower  cross-polarization  levels  and  less  ripple.  The 

<* 

active  VSWR  was  calculated  for  the  center  element  using  mutual  coupling  data  from  the 
aperture.  iThe  active  VSWR  is  plotted  in  sine  space  from  6  to  18  GHz  in  0.125  GHz  steps 
over  all  radiating  half-space.  The"  data  points  are  taken  in  three-degree  increments  for  a 
total  of  1961  points  per  plot.  Figure  38  shows  a  typical  active  VSWR  plot  in  the  midband 
for  the  resistive  fence  case  with  30-,  45-,  60-,  and  70-degree  scan  volume  rings  super¬ 
imposed  on  the  plot.  The  active  VSWR  in  this  plot  is  less  than  2.0:1  for  a  60-degree  scan 
volume.  Figure  39  shows  the  active  VSWR  imthe  E-,  H-,  and  intercardiiial  planes  for  the 
baseline  case  at  10  GHz.  The  active  VSWR  is  less.than  2.0:1  for  all  but  a  few.scan  angles. 
The  maximum  number  of  occurrences  for  any  value  of  VSWR  from  6  to  18  GHz  for  a 
60-degree  scan  volume  is  in  Figure  40.  For  the  baseline. case,  the  mean  VSWR,  median 
VSWR,  and  standard  deviation  are  2.45,  2.27,  and  0.89,  respectively;  for  the  absorber 
fence  case,  the  values  are  2.44,  2.41,  and  0.61;  and  for  the  resistive  fence  case,  the 
values  are  2.23,  2.15,  and  0.68.  Figure  41  shows  the  maximum  number  of  occurrences 
for  a  60-degree  scan  volume  from  8  to  12  GHz.  For  the  baseline  case,  the  mean  VSWR, 
median  VSWR,  and  standard  deviation  are  1.72,  1.62,  and  0.45,  respectively;  for  the 
absorber  fence  case,  they  are  2.13,  1.86,  and  0.78;  and  for  the  resistive  fence  case,  they 
are  1.72,  1.61,  and  0.59. 


Figure  37.  Intercardinal  Plane  Central  Embedded  Subarray  Element  Pattern  at 

12  GHz 
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Figure  42  shows  the  maximum  number  of  occurrences  for  any  value  of  VSWR  from  12 
to  18  GHz  for  a  60-degree  scan  volume.  For  the  baseline  case,  the  mean  VSWR,  median 
VSWR,  and  standard  deviation  are  1.96,  1.73,  and  0.93,  respectively;  for  the  absorber 
fence  case,  the  values  are  2.19,  2.17,  and  1.57;  for  the  resistive  fence  case,  the  values  are 
1.90,  1.75,  and  0.76.  Tn  the  low  band,  the  resistive  fence  case  has  the  best  VSWR  per¬ 
formance,  although  performance  in  all  three  cases  is  similar.  At  midband  frequencies,  the 
baseline  and  the  resistive  fence  performed  best.  In  the  high  band,  the  resistive  fence  case 
has  the  best  VSWR  performance.  Overall  then,  the  VSWR  performance  is  best  in  the 
resistive  card  case  and  highest  with  the  absorber  fence.  The  mean  plus  one  sigma  active 
VSWR  over  the  entire  6.0  to  18.0  GHz  band  is  still  extremely  low  (3.34:1.0  over  a 
60-degree  scan  volume). 


Based  on  the  measurements  done  on  this  array,  performance  is  improved  with  the  use 
of  mutual  coupling  fences.  Array  gain  and  patterns  are  moderate  in  roll-off  when  fences 
are  present  and  the  cross-polarization  pattern  level  is  decreased.  The  active  impedance 
performance  of  the  array  is  improved  by  the  use  of  the  resistive  fences,  although  it  is  not 
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improved  dramatically  by  the  use  of  absorber  fences.  Efforts  are  underway  to  iterate  the 
design  of  the  mutual  coupling  fences  to  further  improve  radiation  performance.  These 
iterations  include  changing  the  shape  and  height  of  the  fences.  The  array  element  is  also 
being  iterated  to  optimize  array  performance  over  the  6  to  12  GHz  band. 

In  order  to  verify  that  the  dielectric  margin  on  the  elements  was  not  causing  a  surface 
wave  effect  which  was  degrading  performance,  the  active  impedance  of  a  12-element 
stick  was  computed.  The  active  impedance  was  calculated  from  mutual  coupling  measure¬ 
ments  made  with  the  full  dielectric,  half  dielectric,  and  all  the  dielectric  removed  from  the 
top  of  the  element  stick.  The  active  VSWR  with  scan  was  computed  for  the  central  subar¬ 
ray  with  full  dielectric  in  this  E-plane  stick  over  the  full  6.0  to  18.0  GHz  band  and  is 
shown  in  Figure  43.  The  absence  of  high  active  VSWR  where  the  grating  lobe  appears  in 
visible  space  (70°  at  8.27  GHz)  indicates  a  possible  design  benefit  in  subarraying  ele¬ 
ments  in  an  aperture.  The  use  of  closely  spaced  (0.186  A.)  elements  combined  into  subar¬ 
rays  shows  a  reduction  in  active  VSWR  with  scan.  Figure  44  shows  the  results  of  this 
experiment  at  11  GHz.  The  presence  or  absence  of  dielectric  does  not  appreciably  affect 
the  active  element  performance.  This  result  held  true  over  the  entire  frequency  band. 
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Figure  43.  Active  VSWR  with  Scan  for  Central  Subarray  in  a  12-Element  Stick  over  a 

6.0  to  18.0  GHz  Band 
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ACTIVE  VSWR 


The  hybrid  analysis  modeling  code  was  used  to  model  sticks  of  the  array.  Figure  45 
shows  the  predicted  beamwidth  plotted  with  the  measured  array  beamwidth.  Based  on 
Figure  45,  the  FEM/BEM  predictions  closely  match  the  array  performance.  This  is  due  to 
the  two-dimensional  FEM/BEM  assumption  that  the  elements  are  infinite  in  the  y-plane 
(H-plane)  and  an  array  would  more  closely  correspond  to  this  infinite  approximation 
than  an  isolated  strip. 


Figure  45.  Predicted  RF2D 
Beamwidths  of  Five-Element  Stick 
Compared  to  the  Embedded 
Subarray  Element  Beamwidths 


A  FEM/BEM  analysis  of  a  cross-section  of  the  array  was  also  modeled  to  verify  the 
presence  of  resonant  frequency  spikes  found  in  the  mutual  coupling  interactions.  These 
spikes  are  due  to  a  waveguide  coupling  effect  which  is  occurring  within  the  dielectric  of 
the  printed  circuit  element. 

The  predictions  of  Figure  46  show  a  relatively  small  amount  of  reflection  in  the  vicinity 
of  the  mutual  coupling  fence,  while  a  large  field  exists  within  the  dielectric  of  the  element. 
Therefore,  the  energy  coupled  into  the  dielectric  and  rereflected  out  can  be  expected  to 
add  to  coupling  interaction.  Furthermore,  the  plot  of  Figure  47  shows  that  this  waveguide 
effect  between  the  parallel  plates  of  the  feed  element  causes  spikes  in  the  frequency 
domain. 
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(b)  CLOSE-UP  OF  POINTING  VECTOR  IN  THE  NEAR  FIELD  OF  AN 
ARRAY  CROSS  SECTION  SHOWING  ENERGY  PROROGATION 
OUT  OF  DIELECTRIC 


Figure  46.  Field  Intensity  and  Close-Up  of  Pointing  Vector 


An  approach  to  reduce  or  eliminate  the  resonance  and  waveguide  effect  was  to  place 
plated-through  holes  along  the  element  flare  and  between  the  element  feeds  as  shown  in 
Figure  48.  This  will  reduce  the  energy  being  coupled  into  the  dielectric  and  thereby  elimi¬ 
nate  spikes  and  secondary  effects  at  the  higher  frequencies.  This  is  shown  in  the  mode 
suppression  predictions  in  Figure  47  where  the  dielectric  has  been  enclosed  in  metal.  This 
will  alter  the  mutual  coupling  in  the  array,  thereby  possibly  reducing  the  array-element 
gain. 

A  detailed  study  of  the  vibrational  effects  of  this  element  with  temperature  was  also 
measured.  A  five  subarray  element  bar  was  measured  over  the  temperature  range  of  -60 
to  95  degrees  Celsius  with  an  input  of  1,  3,  and  5-G  sinusoidal  sweep  with  a  frequency  of 
100  through  2500  Hz.  The  woven  glass  is  stable  up  to  260  degrees  Celsius  and  the  rms 
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Figure  47.  Mode  Suppression  Prediction  of  Cross-Sectional  Model  of  an  Array 
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Figure  48.  Five  Subarray  Stick  with  Mode  Suppression  Fills 


deflection  at  the  notch  was  under  0.0018  inch  for  the  above  mentioned  loading.  Toler¬ 
ances  on  front  to  back  registration  were  held  to  plus  or  minus  three  mils. 

5.0  CONCLUSIONS 

Significant  progress  has  been  made  in  the  design  and  analysis  of  wideband  linearly  \ 

polarized  phased  array  apertures.  The  combination  of  element  pairs  into  subarrays  re-  - 

duces  the  number  of  transmit/receive  modules  in  the  array  and  also  has  been  shown  to 
reduce  the  active  VSWR  with  scan  versus  frequency.  The  use  of  mutual  coupling  fences  in  j 

between  E-plane  polarized  rows  of  closely  spaced  flared  slot  antenna  elements  can  re-  t‘ 

duce  the  level  of  the  cross-polarized  radiation  pattern  in  the  intercardinal  and  principal 
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planes.  The  co-polarized  radiation  pattern  has  also  been  shown  to  exhibit  less  ripple  with 
the  introduction  of  mutual  coupling  fences.  Exceptional  array-element  performance  was 

''  obtained  using  a  stripline  fed  flared  slot  antenna  element  in  both  the  single  density  and 

double  density  arrays. 

f  The  Hybrid  finite  element/boundary  element  is  a  powerful  tool  for  the  analysis  of  elec¬ 

tromagnetic  fields  in  flared  slot  antennas,  radomes,  and  arbitrary  complicated  geometries. 
Splitting  the  region  of  analysis  into  two  parts,  the  finite  element  and  boundary  element 
regions,  allows  for  each  method  to  be  used  where  it  is  best  suited.  In  the  near  field  region, 
the  finite  element  method  allows  for  multimaterial,  complex  structures  to  be  easily  mod¬ 
eled,  a  necessary  characteristic  for  a  computer-aided  design  tool.  The  boundary  element 
method,  when  added  to  the  finite  element  region,  extends  the  region  of  analysis  to  infinity 
with  a  surface  integral  term.  The  two-dimensional  Hybrid  analysis  code  used  here  is  a 
good  preliminary  design  tool  neglecting  the  three-dimensional  effects.  With  it,  a  user  can 
analyze  a  number  of  design  factors  in  rapid  succession  and  with  great  detail. 

For  an  increase  in  computational  time,  the  absorbing  boundary  conditions  (ABC),  spe¬ 
cifically  those  of  second  order,  can  be  easily  implemented  and  can  be  an  effective  method 
for  modeling  the  unbounded  fields  in  a  finite  element  wave  propagation  problem.  The 
advantages  of  ABCs  are: 

•  They  are  local  in  nature. 

•  They  do  not  spoil  the  sparsity  of  discretized  equations. 

•  They  are  computationally  efficient. 

Combining  these  advantages  with  the  observed  accuracy  makes  ABCs  much  more  produc¬ 
tive  to  use  than  global  representations  of  the  exterior  wave. 

Through  the  use  of  finite  element  method  analysis,  progress  is  being  made  on  a  design 
tool  suitable  for  performance  predictions  on  wideband  printed  circuit  antenna  elements 
and  linearly  polarized  arrays  with  element  spacings  and  flare  lengths  on  the  order  of 
0.2  X. 
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Rome  Air  Development  Center 


RADC  plans  and  executes.  research,  development,  test  and. 
selected  acquisition  programs  -in  support  of  Command,  Control, 
Communications  and  Intelligence  (CiI)  activities.  Technical  and 
engineering  support  within  areas  of  competence  is  provided  to 
ESD  Program  Offices  (POs)  and  other  ESD  elements  to 
perform  effective  acquisition  of  CSI  systems.  The  areas  of 
technical  competence  include  communications,  command  and 
control,  battle  management  information  processing,  surveillance 
sensors,  intelligence  data  collection  and  handling,  solid  state 
sciences,  electromagnetics,  and  propagation,  and  electronic 
reliability  /maintainability  and’ compatibility. 
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